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Abstract

This thesis focuses on design and analysis of the control system structure for back-to-
back converter squirrel-cage induction machine drives. Particularly, sensorless control
of induction machines, meaning vector control without a mechanical shaft sensor, and
vector control of pulsewidth-modulated (PWM) rectifiers are considered.

The back electromotive force (EMF) is used as the basis for sensorless control in
this thesis. A variant of the classical “voltage model” is adopted for sensorless flux esti-
mation. It is shown that the estimator must be redesigned for the purpose of arbitrarily
placement of the closed-loop poles. A thorough stability analysis of the redesigned es-
timator shows that asymptotical stability can be guaranteed at nominal speeds. The
stability at very low frequencies is, however, largely affected by the knowledge of the
stator resistance. The presence of a singularity for zero stator frequency is found, which
makes it impossible to guarantee stable operation at very low frequencies, except for
the case of zero external load torque.

The underlying mechanisms behind the two widely acknowledged instability phe-
nomena for sensorless control at low frequencies are revealed. The most critical form of
instability is the infamous flux collapse: the flux collapses to approximately zero, giving
nearly total loss of torque, and uncontrolled rotation in the direction of the external
load torque. The less well-known instability phenomenon frequency lockup is not as
critical: the field orientation deteriorates, such that the torque reduces but not vanish,
and the stator frequency and rotor speed lock on to constant values close to zero.

A control system structure is developed for the PWM rectifier. The previously
proposed concept of virtual flux is adopted for grid-voltage synchronization, and three
different synchronization algorithms are analyzed. The PWM rectifier is also considered
for an active filtering application, for which a vector current control system designed
for the deadbeat response is designed. An analysis shows that the resulting deadbeat
control system is equivalent to previously proposed Smith predictor structures.

Index Terms: Flux estimation, induction motor, sensorless control, back-to-back con-
verter, pulsewidth-modulated rectifier, virtual flux, vector current control, active filter-
ing.
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Chapter 1

Introduction

Variable-speed electric machine drives are nowadays used various kinds of kinds indus-
trial processes, transportation systems, wind turbines and household appliances in the
western world. It has been estimated that electric drives consume 50 % of the produced
electrical energy in Europe [18]. The vast majority of drives are fairly primitive devices,
which hardly require any control at all, or perform well with fairly simple control meth-
ods. A very important but fairly small number of electric drives are, on the other hand,
used in demanding applications, where precise and fast control of the drive is essential.
For such applications, sophisticated and well-performing control design is a key issue.

1.1 Back-to-Back Converter

The back-to-back converter, depicted in Fig. 1.1, consists of two three-phase PWM
converters with a common dc-link voltage. For historical reasons, the grid-connected
PWM converter is normally referred to as PWM “rectifier,” while the machine-side
PWM converter is referred to as PWM “inverter.”

An important property of the back-to-back converter is that it allows for true
four-quadrant operation, meaning that the direction of the active power flow can be
reversed at any instant. Traditionally, four-quadrant operation has mainly been useful
for regenerative loads, where it is economically beneficial to feed back the braking power
of the ac machine to the utility grid [35]. Recently, the four-quadrant capability of the
back-to-back converter has also found use in new applications, of which variable-speed
wind turbines that employ the wound-rotor induction generator [3, 98] and HVDC light
[80] are perhaps the most well-known.

PWM “rectifier” DC link PWM “inverter”

i3 s 1@ 1@ 5 1

Utility grid % -”\/\% 1 1 -”\/\% -| l I;(llé(}:ltiil;):

Fig. 1.1. Structure of a back-to-back converter induction machine drive.
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Chapter 1. Introduction

In this thesis, control of the back-to-back converter squirrel-cage induction ma-
chine drive is studied. Particularly, so-called sensorless vector control of induction ma-
chines and vector control of PWM rectifiers are considered. These research topics are
partly decoupled from each other, even though some similarities will be shown, so the
resulting conclusions hold also for several other drive system structures. For instance,
the control system for the PWM rectifier are not dependent on what type of ac motor
that is connected to the PWM inverter.

1.2 Sensorless Control

Precise and accurate torque control for the induction machine (IM) can only be accom-
plished by wvector control, as invented by Blaschke [15] in the late 1960s. In terms of
space vector theory [74], vector control implies that the instantaneous torque is con-
trolled by way of the stator current vector that is orthogonal to the rotor flux vector.
Precise knowledge of the rotor flux angle is therefore essential for a vector controlled
IM.

IMs do not allow the flux position to be easily measured, so most modern vector
controlled IM drives rely on flux estimation. This means that the flux angle is derived
from a flux estimator, which is a dynamic model of the IM. Given that the rotor speed
of the IM is measured by a mechanical shaft sensor, then flux estimation is a fairly
easy task. The famous “current model” (CM), for instance, is stable for all speeds and
torques [42, 115]. However, there has for several years now existed a strong development
towards sensorless control, which implies vector control of the IM without a mechanical
shaft sensor. The driving motivations behind the development in sensorless control are:

e Lower cost. For low- and medium-power drives, the cost of the shaft sensor can
be comparable to the cost of the IM itself.

e Reliability. Shaft sensors—tachometers, encoders, and resolvers are commonly
used [35]—are prone to eventually fail, just like any other component of an IM
drive. The removal of the shaft sensor results in one less critical component, thus
improving the availability of the IM drive.

e Operating environment. Shaft sensors are delicate mechanical devices that cannot
always be mounted in certain hostile environments, such as chemical plants.

Research in sensorless control has now been carried out for almost two decades, of which
some of the most remarkable achievements are referenced in Chapter 2. The topic is
therefore in many ways mature, and there are indeed several commercial sensorless IM
drives on the market. In Scandinavia, the most well-known commercial implementations
are perhaps the DTC family of ABB [111] and NFO Sinus [90]. Although commercial
sensorless IM drives are generally well-performing, no strict proof of stability—taken
into account inaccurate model parameters—is known to the author. There are also
strong indications that particularly low-speed operation is still being problematic, even
for commercial sensorless IM drives. A comprehensive survey [12], made two years ago by
the drive manufacturer Baldor Electric Co., showed that several commercial sensorless
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IM drives could not properly achieve stable low-speed-large-torque operation. Similar
findings have also been presented by the academic research community [32, 46, 94, 100].
Recently, some fairly drastic, but apparently required, control algorithms [31, 76] have
been proposed in order to secure stable sensorless control at low speeds. Therefore,
sensorless control at low speeds and large torques can still be improved. Sensorless
operation at nominal speeds, on the other hand, can no longer be considered as a
problem.

In this thesis, the flux EMF is used as the basis for sensorless control. The flux
EMF is the time derivative of the rotor flux, which is estimated by subtracting the
voltage drops across the stator resistance and the total leakage inductance from the
stator voltage. A rotor flux estimate can then be found from a flux estimator that
integrates the flux EMF. Traditionally, the “voltage model” (VM) [30, 116] is used for
this purpose, even though this flux estimator has several drawbacks [22, 47].

1.3 Vector Control of PWM Rectifier

An important reason for choosing a PWM rectifier over a simpler and less expensive
rectifier, such as a three-phase diode rectifier [35], is that bidirectional power flow is
enabled, as already discussed. In addition, a PWM rectifier offers the following advan-
tages:

e Good power quality. Nearly sinusoidal currents can be obtained by using fairly
small filters [55]. Moreover, the fully controlled input current of a vector controlled
PWM rectifier makes it possible to even improve the local power quality. This can,
for instance, be achieved by way of flicker mitigation or active filtering of current
harmonics. Such improvement of power quality is today commercially available,
the best-known example is perhaps the SVC light [43], albeit using a different
converter topology than here studied.

e (Controllable dc-link voltage. The controllable dec-link voltage improves the immu-
nity of the electric drive towards voltage sags [117]. In addition, some applications
increase the dc-link voltage when the loading ac machine operates above base
speed [1]. This way, flux weakening for the machine is avoided and the maximum
torque is always available.

Vector control of a PWM rectifier requires knowledge of the grid voltage angle, which is
in close correspondence to the rotor flux angle of an IM. A virtual grid flux [36, 84, 85
can be introduced, such that the problems of grid-flux and rotor-flux estimation become
nearly equivalent.

The vector control system of a PWM rectifier should preferably achieve good re-
jection of voltage disturbances, which are prone to appear in the utility grid. Otherwise,
the grid voltage disturbances easily spread to the PWM rectifier input currents, which
then become more distorted [20].
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1.4 Scientific Contributions

The following results in Chapter 3 on sensorless control are considered as new, in the
opinion of the author:

e A variant of the VM [101], in this thesis referred to as the “statically compensated
voltage model” (SCVM), is adopted for sensorless flux estimation. The SCVM is
then redesigned, such that arbitrarily placement of the closed-loop poles is made
possible.

e The resulting dynamics from the SCVM are thoroughly analyzed. For accurate
model parameters, stability is shown at nominal speeds, while stability at low
speeds is guaranteed only for small machines. For inaccurate model parameters,
the presence of a singularity for zero stator frequency makes it impossible to
guarantee stable low-frequency operation for the SCVM, except for the case of
zero external load torque or if the stator resistance is perfectly known.

e The underlying mechanisms behind instability for sensorless control are believed
to be not well familiar. Based on the thorough stability analysis, these mechanisms
are revealed for the SCVM. It is argued that the instability phenomena to a large
extent are related to the physics of the IM itself, and can thus occur for any
flux-EMF-based flux estimator.

e Recommendable choices for model parameters selections, with respect to overes-
timation and underestimation, are given for the SCVM. These recommendations
cannot avoid instability, but may avoid total failure for a sensorless IM drive.

e Simple parameter selection rules are derived for the SCVM, reducing the amount
of trial-and-error work required in the design and tuning of the drive.

Some very thorough research has been carried out on the PWM rectifier, of which some
are referenced in Chapters 4-7. Even though not all of the following results cannot be
considered as entirely new, some problems for the PWM rectifier are addressed, and
several analyses provide interesting observations, believed to be not well-known.

In Chapter 5, three grid-flux estimators are analyzed, of which two estimators
are designed in this chapter. The SCVM is found to be applicable not only for flux
estimation of synchronous and induction motors [50], but also for vector control of a
PWM rectifier.

In Chapter 6, controllers for a PWM rectifier are derived and analyzed. A classical
cascaded control system structure is chosen, consisting of an inner vector current control
loop and an outer loop for dc voltage control.

In Chapter 7, deadbeat current control for active power filtering at a low switching
frequency is studied. The stability and the parameter sensitivity for the two-samples
deadbeat controller is assessed, and it is shown that the controller is equivalent to
previously proposed Smith predictor control structures.

For all three mentioned chapters regarding the PWM rectifier, simple controller
and estimator parameter selection rules are derived, reducing the amount of trial-and-
error work required in the design and tuning of the drive.

4
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1.5 Publications

Many of the results in this thesis have been presented in the form of one Licentiate

Thesis, three conference papers and three accepted journal papers. In chronological
order, with references to where the paper appears in this thesis, the publications are:

1.

J. Svensson and R. Ottersten. “Shunt active filtering of vector current-controlled
VSC at a moderate switching-frequency,” IEEFE Trans. Ind. Applicat., vol. 35, no.
5, pp. 1083-1090, Sept./Oct. 1999.

The algorithms for active-power filtering in Chapter 7 were studied. These algo-
rithms have, essentially, remained unchanged throughout this project.

. R. Ottersten. “Vector control of a double-sided PWM converter and induction

machine drive,” Lic. Thesis, Electrical Machines and Power Electronics, Dept. of
Electric Power Eng., Chalmers Univ. of Technology, Goteborg, Sweden, 2000.

A control scheme for the back-to-back converter was developed. Parts of this
control scheme is greatly improved in Chapters 5-6. The active filter algorithms
and a preliminary variant of the deadbeat current control structure in Chapter 7
were presented. A more thorough analysis of deadbeat current control is added in
the present thesis.

. R. Ottersten and J. Svensson. “Active filtering using vector-current controlled

VSC—Deadbeat control and saturation strategies,” Proc. IEEE Nordic Workshop
Power and Industrial Electronics, Aalborg, Denmark, June 2000, vol. 1, pp. 278~
282.

The deadbeat current controller in the Licentiate Thesis and Chapter 7 was con-
sidered for an active filter application.

R. Ottersten and J. Svensson. “Vector current controlled voltage source conver-
ter—Deadbeat control and saturation strategies,” IEEE Trans. Power Electron.,
vol. 17, no. 2, pp. 279-285, Mar. 2002.

The deadbeat current controller in Chapter 7, more thoroughly analyzed in the
present thesis, was presented. A similar version of this paper appeared already in
1998 as:

R. Ottersten and J. Svensson. “Vector current controlled voltage source conver-
ter—Deadbeat control and saturation strategies,” Proc. IEEE Nordic Workshop
Power and Industrial Electronics, Espoo, Finland, Aug. 1998, vol. 1, pp. 65-70.

R. Ottersten and L. Harnefors. “Design and analysis of inherently sensorless rotor-
flux-oriented vector control system,” Proc. IEEE Nordic Workshop Power and
Industrial Electronics, Stockholm, Sweden, Aug. 2002, CD-ROM.

A preliminary variant of the SCVM in Chapter 3 was considered.
L. Harnefors, M. Jansson, R. Ottersten, and K. Pietildinen. “Unified sensorless

vector control of synchronous and induction motors,” IEEE Trans. Ind. Electron.,
vol. 50, no. 1, pp. 1563160, Feb. 2003.
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Parts of this paper considered the SCVM in Chapter 3 for the induction machine
at nominal speeds. Moreover, the SCVM was compared to a phase-locked-loop
type estimator for sensorless operation of ac machines. This comparison is not
included in this thesis, but a similar study is made in Chapter 5 for a PWM
rectifier.

Some results are still unpublished, however, since they have been produced at a fairly
late stage in this project. The unpublished work includes the final version and the in-
depth analysis of the SCVM in Chapter 3, and the analysis of grid-flux estimators in
Chapter 5.



Chapter 2

Induction Machine Dynamics and
Vector Control

The objective of this chapter is to derive and describe a model for the induction ma-
chine, see Appendix C for a list of glossary terms. We also analyze a few well-known flux
estimators for vector control, and discuss the limitations of each estimator. The fun-
damentals of speed-sensorless operation is treated thoroughly, and one speed-sensorless
flux estimator is selected for further analysis in the next chapter.

2.1 Induction Machine Model

The dynamic equivalent circuit of the squirrel-cage induction machine, which will be
defined in the following, is based on the common simplifications that the magnetomotive
force distribution along the airgap of the machine is sinusoidal, and that the hysteresis
loss and the eddy-current loss [39] of the machine are negligible.

Space vectors [74] are commonly used to describe the dynamics of the induction
machine, and these vectors are rms-value scaled in simulations and experiments in this
thesis. The space vector of the stator current, for instance, is therefore

il = 3 [ 0j g +aligy + a2153] (2.1)
where a = 727/ represents the spatial distribution of the stator winding for a three-
phase ac machine, while 7,1, i, and i,3 are the phase quantities of the stator current.

2.1.1 Electrical Subsystem Model

The inverse-I" model [102] is used to model the induction machine. The inverse-I" model
is mathematically equivalent, both dynamically and in the steady-state operation, to
the perhaps more well-known 7" model [102].

The electrical differential equations of the inverse-I' model are obtained by ap-
plying the loop method to the equivalent circuit in Fig. 2.1. However, the loop method
alone is not sufficient to directly derive the differential equations in a convenient form.

7
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LU jwr'llJR

Fig. 2.1. Dynamic inverse-I" circuit for the induction machine, where p=d/dt.

It is, for instance, desirable that the rotor current vanishes from the differential equa-
tions. This can be achieved by using the constitutive relations between the flux linkages
and the currents of the induction machine:

P = Lyi, + Yr, Yr= LM(ls + IR) (22)

where

Ly, L, magnetizing and leakage inductance;
ig, is rotor and stator current;
Vg, P rotor and stator flux (linkage).

When selecting the stator current and the rotor flux as complex-valued state variables,
the two loops in Fig. 2.1 can be written as [102]

di, . . d
Lad_lt = Vg — (Rs +JW1LJ) 1 — jwllpR - % (2?))
dYr . Rr .
—— = Rpi, — |— — Wy 2.4
T R LM+j(w1 wr) | Yr (2.4)
where
R, Rr stator and rotor resistance;
w1 synchronous (excitation) frequency;
Wy electrical rotor speed;
Vs stator voltage.

The former equation, (2.3), is related to the stator circuit, while (2.4) concerns the rotor
circuit.

Stator-Oriented and Synchronous Reference Frames

The above dynamic model of the induction machine can be given in any two-axis ref-
erence frame. Mainly two reference frames are of interest for our purposes, though,
namely the stator-oriented reference frame and the synchronous reference frame.
From the perspective of the stator-oriented reference frame in the steady-state op-
eration, the real and the imaginary parts of a space vector vary sinusoidally in the time
domain. This is quite a natural property for an ac machine. However, sinusoidal quanti-
ties are not desirable in control applications. For instance, a proportional-plus-integral
(PI) controller with a sinusoidal input will not achieve a steady-state control error of

8
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i 3
E a (fixed) 7 0
0t |

(a) (b)

Fig. 2.2. The stator-oriented (a/3) and the synchronous (dg) reference frames.
(a) Estimated rotor flux. (b) True rotor flux.

zero. Only step-formed set points, which are dc quantities in the steady-state operation,
are adequate for a PI controller. It is, therefore, worthwhile to transform the dynamic
model of the induction machine to a reference frame where all quantities become dc in
the steady state. The synchronous reference frame is one such “dc” reference frame.

The transformation between the stator-oriented and the synchronous reference
frames is known as the Park transformation:

y=ey'  yi=¢llly 4 = /wldt (2.5)

where 60 is the transformation angle, and y is an arbitrary complex-valued variable. The
transformation angle is given by the angle of the estimated rotor fluz, {3 = ¥re’?”t. The
estimated flux is, therefore, real-valued in the synchronous reference frame, while the
true rotor flux, Y3 = Yrel?; is generally not real-valued in the synchronous coordinate
system:

Yr = Yhe 7 = re’ O = Yy + ji),. (2.6)

For the special case of perfect field orientation, meaning 6 = 6, the rotor flux is real-
valued as well though. Fig. 2.2 depicts the stator-oriented and the synchronous reference
frames, as well as the estimated and the true rotor flux.

In (2.3) and (2.4), the Park transformation has already been introduced, so these
equations are already given in the synchronous reference frame. As seen, variables in the
synchronous reference frame are in this thesis denoted without superscripts, e.g., Yz,
is, and v,. For stator coordinates, on the other hand, we put w; = 0 in (2.3) and (2.4),
and denote the variables with superscript “s.” The differential equations that describe
the electrical dynamics of the induction machine then become

di® . s,

L S S _ 5 _ 2.
7 vi — Rii: o (2.7)
dyg ) Rg .

R _ Rais — (22 - e, 9.
i RRi (LM ]wr) Vi (2.8)

The synchronous frequency w; = 6; equals both the estimated rotor flux and the fre-
quency of the applied stator voltage. The latter implies that the synchronous frequency
is the excitation frequency of the machine, which equals the stator frequency in the
steady-state operation. Being the excitation frequency, w; can be considered as a con-
trol variable that is available for manipulation, as will be shown.
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2.1.2 Flux EMF and Back EMF

The study of flux estimators that are based on the rotor-flux induced EMF is one
important objective of this thesis. The induced EMF is often referred to as the back
EMF, but the term flux EMF' is preferred in this thesis. In order to properly define
the flux EMF, and to distinguish it from the back EMF, the following definition is
given [48]:

dps R
Wk _ Rgi® + [ jw, — =2 ) ¢35, (2.9)
dt Ly
S~~~ N -~ _
flux EMF back EMF

which results from (2.8). As seen, the flux EMF and the back EMF differ only by the
term Rpgi;.

2.1.3 Parameter Variations

The model parameters of the equivalent circuit are usually not equal to the “true”
parameters of the induction machine. In the following, we briefly discuss the parameter
variations that may occur. Model parameters are, henceforth, denoted by a hat, e.g.,
Ly, while “true” parameters are denoted without a hat, e.g., Ly;.

The stator resistance varies mainly due to thermal drift; the resistance increases

with increasing temperature. The temperature dependency of the stator resistance can

be modeled as [77]
54T

235+ T,

where T' is a measure of the winding temperature, and R,y is the stator resistance for

Ry (2.10)

a “cold” machine, at T = 20°C. The maximum winding temperature allowed is given
by the classification in Table 2.1 [89]. A class H winding is considered for a numerical
example, so Tr.x = 170°C. When the winding temperature rises from Ty to T,ay, the
relative increment in R, becomes

R, 235+170 _

= —~1.6. 2.11
Ry 235+ 20 ( )

&=

“Cold” and “hot” values for R, may therefore differ by up to 60 %. The variation of
the rotor resistance is similar to that of the stator resistance, although the variation for
Rp is usually larger, due to the larger thermal resistance of the rotor [77].

The magnetization inductance L, varies with the modulus of the rotor flux [33],
due to magnetic saturation. An example of the variation of the magnetization induc-
tance is shown in Fig. 2.3. The graph has been derived from no-load measurements
on a 22-kW induction machine, see Appendix B for further details on this machine.

TABLE 2.1
MAXIMUM WINDING TEMPERATURE FOR MEDIUM POLYPHASE MOTORS

Motor type (37 W-370 kW)  Class A Class B Class F  Class H
Totally enclosed, nonventilated — 105°C 125°C 150°C 170°C

10
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0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8
i, (pU)

Fig. 2.3. No-load magnetization characteristic (solid) and corresponding Lj; variation
(dashed) for the 22-kW test machine. Nominal ¢z and Ly, are marked.

According to Fig. 2.3, L) increases by 15 % when the magnetization current is reduced
from its nominal value to half of its nominal value.

The leakage inductance L, depends mainly on the current modulus. The leakage
inductance can be considered as fairly constant for machines with open rotor slots [33],
because a large stator-current modulus (above the nominal value) is then required to
magnetically saturate L,. The picture is quite different for machines with closed rotor
slots, though, where larger variations in L, can be expected.

2.1.4 Mechanical Subsystem Model

Provided that the rotor shaft is stiff, the linearized mechanical dynamics of the induction
machine are given by

b
=T, - T — —uw, (2.12)
n

where

T., T; electro-mechanical torque and load torque disturbance;
np number of pole pairs;
J, b  moment of inertia and viscous friction constant.

Space vectors are rms-value scaled in this thesis, so the electro-mechanical torque equals
[74]

T, = 3n, Im{yyis} (2.13)

which for the special case of perfect field orientation reduces to

T, = 3n, Im{ (V5 — jO)(ia + jig)} = 3n,¥xi,. (2.14)

2.2 Time-Scale Separation

For closed-loop current control in the synchronous reference frame [69], a current rise
time of 1-5 ms is fully attainable [18]. This is normally much faster than the open-loop
dynamics of the rotor flux, which are governed by the rotor time constant Ly;/Rg. For a
numerical example, parameters of three induction machines are listed in Table 2.2 [109].

11
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TABLE 2.2
PER-UNIT PARAMETERS OF THREE INDUCTION MACHINES

Parameter 4-kW machine 22-kW machine 800-kW machine

Rp 0.040 0.034 0.010
R, 0.040 0.023 0.010
Ly 0.16 0.21 0.3
Ly 1.4 2.8 4.2
Ly/Rr 35 82 420
J 300 1000 1300
ny 2 2 2

The rotor time constants of these machines correspond to rise times between 0.1 s and
1.3 s, which are roughly 20 to 1000 times slower than the closed-loop stator current
dynamics. The current dynamics and the rotor flux dynamics are, hence, characterized
by two totally different time scales, which is referred to as a singularly perturbed system
[70]. Consequently, the dynamics of the rotor flux and the stator current can be treated
separately for closed-loop current control [45, 58, 114].

Due to the time-scale separation, the stator current will in this thesis be considered
as the input signal to the induction machine when studying the dynamics of the rotor
flux. The stator voltage is then given by putting dis/dt = 0 in (2.3), splitting the real
and imaginary parts, and solving for vy and v,:

. R

vg = (Ry + RR)ig — wiLyiy — ﬁ‘”d — wethy (2.15)
. . Rgp

vy = (Rs + Rp)iy + wiLyiqg — L—@Dq + wytg. (2.16)
M

The 22-kW machine in Table 2.2 will, henceforth, be referred to as the test machine,
since it is used for theoretical and experimental verifications in this thesis. Appendix B
contains a more detailed description of the test machine.

2.2.1 Component and Polar Representation of Flux Dynamics

One major objective of this thesis is to study the resulting dynamics from various
flux estimators. For this purpose, the dynamics of the rotor flux in (2.4) will often be
considered. Splitting the real and imaginary parts of this equation yields the component
representation of the rotor flux dynamics as

@Z}d = Rpig — ?@Zjd + (wl - wr)'lqu (217)
M

Wy = Rpiy — —fR Vg — (W1 — wr)Ya. (2.18)
M

Occasionally, it is also useful to consider the rotor flux in polar form
Vi = Ve’ (2.19)

12
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where g is the modulus of the rotor flux, and @ is the relative angle between the
rotor-flux-oriented and synchronous reference frames:

0=0-—0,. (2.20)

Substituting Yr = wRejg in (2.4), and evaluating the time derivative of Yg, provides
the polar representation of the rotor flux dynamics

(Vr +j§¢R)€j§ = Rgis — [ﬁ + Jj(wr — Wr):| Yre?

. L - (2.21)
= g+ j0r = Rpise™ - [ﬁ + Jj(wr — Wr):| YR
which can be split into real and imaginary parts
g = Rpligcos + i sinf) — f—;sz (2.22)
j= @(z’q cos @ — igsin ) + w, — w;. (2.23)

VR

In the following, @ is used as a measure for field-orientation accuracy, and will for this
purpose be referred to as the error angle (in the steady-state operation). Observe that
the special case 6 = 0 corresponds to perfect field orientation.

2.3 Flux Estimation

Vector control of electric machines is based on field orientation [15, 54|, which requires
that the position of the rotor flux is known. However, induction machines do not allow
the rotor flux position to be easily measured, so flur estimation must normally be relied
upon. Some fundamental principles of field orientation are described in this section, and
two common flux estimators, namely the “current model” and the “voltage model,” are
studied.

2.3.1 Direct and Indirect Field Orientation

There are two fundamental principles to implement a flux estimator, which are often
referred to as direct field orientation (DFO) and indirect field orientation (IFO). DFO
implies that the flux estimator is implemented in the stator-oriented reference frame,
where the flux estimate becomes ¢ = % + le)\E The transformation factors e/ and
e 7% are then “directly” obtained from

T S L S S O e L B
YR ()2 + () YR (P3)? + (53)?
An IFO flux estimator, on the other hand, is implemented in the synchronous reference

frame. A so-called slip relation provides wy, which is integrated in order to obtain the
transformation angle 6;:

91 = /wldt. (225)

(2.24)
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The transformation factors e/t and e=7% are then obtained “indirectly;”
e = cosby + jsinfy, e = cosf, — jsinb. (2.26)

An important advantage for IFO is that one additional degree of freedom is present
compared to DFO [47], since complex-valued notation is no longer used. As will be
shown in the next chapter, the additional freedom for IFO manifests itself as an extra
gain parameter, which allows for arbitrarily placement of the resulting closed-loop poles.
IFO requires the calculation of cosine and sine, while DFO demands for the com-
putation of an inverse square root. This difference between IFO and DFO may be
important when implementing the flux estimator in hardware, although modern digital
signal processors and numerical algorithms tend to make this less important [49].

2.4 “Current Model”

The “current model” (CM) estimates the rotor flux by simulating the differential equa-
tion of the rotor flux that results from the rotor circuit. The DFO variant of the CM is
derived by substituting the true parameters in (2.8) with their model correspondences:

O — iz~ (72 o) Wi (227)
The CM is the only flux estimator for which stability at low speeds has been proven [42,
115], at least for the realistic case of inaccurate model parameters. This makes the CM
a safe choice for demanding low-speed applications.

Speed-sensorless operation can be troublesome when using the CM, since w, in
(2.27) must then be replaced by a speed estimate @,.. Speed estimation methods that rely
on saliency [67] or rotor-slot harmonics [63] have the ability to provide a very accurate
&, which can be safely substituted in (2.27). However, the former method requires
a special machine, while the latter method may fail for induction machines that have
skewed rotors [38]. Therefore, speed estimation methods that rely upon the fundamental
excitation (based on the flux EMF) often have to be used. Unfortunately, all flux-EMF-
based methods share the property that the speed estimate indirectly becomes a function
of the estimated flux [46]. Therefore, the flux-dependent speed estimate cannot be
substituted in a speed-sensored estimator, such as the CM, without completely altering
the system dynamics [46].

In addition to being less suitable for speed-sensorless operation, the CM has also a
fairly high parameter sensitivity [75], as will be shown below. The parameter sensitivity
results in inaccurate field orientation, which is not necessarily critical for stability [42,
115], but degrades the dynamic properties: a slow flux transient is initiated every time
iy changes. The flux transient affects the torque in particular [75, 79], but occasionally
also the rotor speed [57]. Due to the parameter sensitivity, the CM should be used at
low speeds only. A seamless transition from the CM to the less parameter sensitive
“voltage model” is preferred at nominal speeds [60, 66], even when the rotor speed is
measured.
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2.4. “Current Model”

2.4.1 Indirect Field Orientation

The IFO variant of the CM is derived by substituting the true parameters in (2.4) with
their model correspondences:

d S, R . ~
% = Rpis — i + j(wi —wy)| Y. (2.28)

Observe that the estimated flux is now real-valued, since it is the angle of estimated
rotor flux itself that defines the position of the synchronous reference frame. By splitting
the imaginary and real parts of (2.28), the slip relation and the flux-modulus estimator
of the CM are found to be [41]

W =W, + —= 2.29

' (0 ( )
dip ~ . Rp-

—ZZR = Rpia = 7 ; Un. (2.30)

The dynamic flux estimate is superfluous [99], provided that the setpoint for i, is
selected via the relation ig = et/ Ly, and Uref 18 constant. Then, @E Rr converges to yef
with the time constant L,;/Rp, which implies that the static estimate ¥y = 1) can
just as well be substituted in (2.29) directly:

(2.31)

and (2.30) can be dropped. The selection of wy in (2.31) is referred to as the standard
slip relation, or the slip relation of the CM. A vector control scheme that uses the
standard slip relation is shown in Fig 2.4.

2.4.2 Parameter Sensitivity

This section describes how the error angle of the CM is affected when the true parame-
ters Ry and Ly, are inaccurately modeled by Ry and Ly, respectively. Fairly accurate
model parameters are considered, meaning that § is small, so sinf ~ # and cosf ~ 1
can be assumed in the analysis.

| b !
| ref ~
1 » 1 L stef s 1
! P\ [ Crrvent LT 5 Y L dvive
| el control st. :
: q 7'y 01 |
]
: v Lo
! 1 Sy. R Wy
1 kK L
: st. | |
I ]
! » Standard | !
| »| slip relation| 1
| 1

Fig. 2.4. IFO vector control system that uses the standard slip relation.

15



Chapter 2. Induction Machine Dynamics and Vector Control

The closed-loop dynamics resulting from the CM are found by repeating (2.22)
and by substituting the standard slip relation in (2.23):

Yr = Rp(ia + i0) — —r (2.32)

o @ . . RRiq
Vr '

J=0—w (ig — 140) — (2.33)

Putting ¢z = 0 in the above equation, and solving for ¢g, gives the following steady-
state relation between ¥p and 8-

Vr = Ly (@ef - iq§> : (2.34)
Ly
The convergence point for @ can now be derived by substituting (2.34) in (2.33), putting
6 = 0, and solving for #:

7 _ (LyiRr — Ly RR)igret -~ (LyiRr — L RR)igret
Rri2; + LMEMRR% Rp(iy + L3,i2)

= s .. 5 7 - (2.35)
(B Ly it (L) i
" \RBr  Lu/) (Laia)? + (Laig)?  \Rr  La) i3+ 42
where
Rr=Rr—Rp, L,=L,—1L, (2.36)

are the errors in the model parameters. Based on (2.35), the following conclusions can
be drawn:

e Perfect field orientation, § = 0, results for accurate model parameters (Rp =
Ly = 0), at no load (i, = 0), or when the model errors cancel (Rr/Rp =
Lys/Lys). Otherwise, the field orientation is imperfect.

e The relative errors in the model parameters have similar impact on the error
angle, but the largest parameter error can be expected for the rotor resistance.

e The maximum error angle, obtained for i, = %4, becomes

~ 1 (Rr Lu\ . .
(R—R - E) sign(i,). (2.37)

Qmax N
2

The values Ly = Ly, Rr = 0.7Rp and iq > 0 are considered for a numerical
example, which yields the maximum error angle Ay, = 0.35 rad = 20°. This is a
fairly large error angle, which makes exact torque control impossible.

2.5 Inherently Sensorless Flux Estimation

As discussed in Section 2.4, a flux-EMF-based speed estimate unavoidably becomes a
function of the true rotor flux. In order to avoid that the speed estimate alters the closed-
loop dynamics, the preferred alternative for speed-sensorless operation is to use a flux
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estimator that does not require knowledge of w,. Such a flux estimator will, henceforth,
be referred to as inherently sensorless, and we shall only consider this type of speed-
sensorless flux estimation in this thesis. This section investigates the fundamentals of
inherently sensorless flux estimation. It is assumed that the stator voltage and the stator
current are accurately measured.

An inherently sensorless flux estimator must rely upon the information that is
available in the stator circuit loop, in order to estimate the flux angle. By consider-
ing (2.7):

s S
vi =R+ La% + d;‘;f
it becomes clear that this equation does not require knowledge of w,. Specifically, it is

only the flux EMF

(2.38)

dys, , dis
— v _Ri*— L,
ar Vs s dt

in (2.38) that contains information regarding the flux angle. Now, let us study how

E) = (2.39)

this information is given. For this purpose, the polar representation of the rotor flux is
substituted in (2.39):
= % = (¢R +]9¢R)6]9 (240)

where ¥ and 6 are the true flux modulus and the true flux angle, respectively. With
E} = Ege”, vi = v,e/” and if = i,e/”, the flux EMF in the synchronous reference
frame becomes
. . . . , : d(i ejel)
E Jjb i0 Jjo _ Jjo1 s j0r L s

f6 (,lva + J ¢R)€ ) Vg€ Rslse o dt (241>
= Ef = (,lva + j0¢R)€j9 = Vg — Rsis - jwlLais-

The above equation represents the “true” flux EMF in the synchronous reference frame,
but a flux estimator must, of course, rely on the estimated flux EMF. This estimate is
derived by substituting the true parameters in (2.41) with their model correspondences:

E; = v, — Rii, — jw L,i,. (2.42)

Provided accurate model parameters, Ry = Ry and L, = L., the estimated flux EMF
actually equals the true flux EMF:

B = E; = (Vg + j0vr)e” (2.43)

which is called the fundamental relation for sensorless flux estimation [50], since any
inherently sensorless flux estimator must rely on it. Several interesting conclusions can
be directly drawn from (2.43):

e In order to maintain accurate field orientation, # = 0, a flux estimator must be
able to extract the information that is related to # from the flux EMF. However,
this information is given as a nonlinear combination of g, 1/.13, 6, and d, so a
change in @ cannot for sure be separated from a change in g, for instance. This
is an indication of speed-sensorless operation being non-trivial, even for the ideal
case of accurate model parameters.
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e The estimated flux EMF is a function of the true rotor flux, so the flux estimate
of an inherently sensorless estimator must become a function of the true flux
as well. A nonlinear feedback of the true rotor flux is, therefore, introduced in
the closed-loop dynamics, which will now be demonstrated. Consider the angle
of the synchronous reference frame 6 (¢%), which becomes a function of the true
rotor flux via a slip relation, df;/dt = w;(V%). The angle is used in the Park
transformation, giving i} = e/1WR)i, By substituting this relation in (2.8), the
rotor flux dynamics are found to be

d; 01 (pS) s Rpr . s
dtR _ RR€]9 (‘PR)IS — (m — ]wr> Yy (244)

which is nonlinear with respect to Yz. Due to the nonlinear feedback, the result-
ing closed-loop dynamics are heavily dependent on how 6, (y%) is derived [47].
An inherently sensorless flux estimator must, thus, be carefully chosen, since a
small change in the estimator design may have a large influence on the resulting
dynamics.

For an IFO-type estimator, one may just as well argue that the nonlinear feedback
of the rotor flux is introduced by w; (Yg). This can be deduced from (2.4):

d R
% ~ Ry, — (L—R + 5w (Wr) — wr}) Yr. (2.45)
M

One additional conclusion can be drawn from (2.45), namely that the nonlinear
feedback is present for all excitation frequencies except zero.

e Observe the difference between an inherently sensorless flux estimator and the
CM: the resulting dynamics from the CM are linear, since the standard slip rela-
tion, w; = w, + Rqu /ret, does not introduce feedback of the true rotor flux.

e An inherently sensorless estimator is, by necessity, only sensitive to the model
parameters R, and L,, as seen from (2.42).

e The model parameter L, is also sensitive for some inherently sensorless estimators
[93]. This cannot be observed from (2.42), but will be discussed in a following
section.

e With respect to the accuracy of the field orientation and stability, it is well known
that Ry is never a sensitive parameter for an inherently sensorless flux estima-
tor [100]. This can be deduced from the equivalent circuit in Fig. 2.1: neither
knowledge of w, nor Rp is required for an inherently sensorless flux estimator.

The real and imaginary parts of (2.43) are now split:

Ed = Ed = _9¢R sing—i- ¢R COSg (246)
E,=E,= O1pg cos @ + g sind (2.47)

which allow to draw the following additional conclusions on inherently sensorless flux
estimation, at nominal speeds and at low frequencies:
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e Nominal speeds. It can be assumed that § ~ w; dominates the flux EMF at
nominal speeds, so the influence from 5 in (2.46)—(2.47) is then negligible. This
gives

By~ —wirsind ~ —w Rl (2.48)

for small . A deviation from correct field orientation, # = 0, is thus immediately
seen in F;. For similar reasons, Eq ~ wip cos B & wi1hr at nominal speeds, so E’q
provides information about the flux modulus.

It is follows that speed-sensorless at nominal speeds should not produce any sig-
nificant difficulty, since the information regarding 0 is easily seen in E.

e Low frequencies. The influence from ¢R cannot be neglected at low frequencies.
A change in ¥R, giving g # 0, may then be misinterpreted by the flux estimator
as a change in #. Consider § = 0 in (2.46), then

E;=1rcos ~ g (2.49)

for small #, so a deviation from @ = 0 cannot be seen in Ej, or at least not
be separated from . For similar reasons, E'q = ¢psinf ~ ¢pf, so neither E’q
provides useful information regarding #: a change in f cannot be separated from
a change in g

It follows that speed-sensorless operation at low frequencies is, most likely, noto-
riously difficult, and stable operation for w; ~ # = 0 is even impossible, which
can be deduced from (2.46)—(2.47).

As here discussed, instability phenomena for speed-sensorless operation at low
frequencies have indeed been reported [32, 46, 94, 100).

2.5.1 Speed Estimation

An inherently sensorless flux estimator does not require knowledge of w,, so the choice
of speed estimator is not critical for the system stability. A simple and elegant solution
for estimating the rotor speed was presented in [116]; the standard slip relation can be
used backwards:

By = wy — R (2.50)
R

The speed estimate is sensitive to Ry, but this is unavoidable, since a flux-EMF-based
speed estimate cannot be separated from an error in Ry [100].

For IFO, w, is an explicit control variable that is readily available for the above
speed estimator. For DFO, however, w; needs to be calculated separately. The following
relation can be used for this purpose [116]:

o _d [ (0] _ Bl Bl
== o ()| - 250
sref

With fast and accurate stator current control, i, in (2.50) can be substituted with i,
in order to reduce the sensitivity to noise. For speed control, the speed estimator must
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then be embedded in a low-pass filter [47]:

d&}r RRZ'ref R
o = O <w1 -3 L — wr> (2.52)

R

in order to avoid the algebraic loop that would otherwise be created, due to that i;ef
is the output of the speed controller, while &, is the input. The above filter gain ay
should be chosen at least a decade larger than the bandwidth of the speed control loop,
in order to avoid that &, lags w;.

2.6 “Voltage Model”

The open-loop simulation of (2.7):

0,

dt
is known as the “voltage model” (VM). The VM is the traditional inherently sensorless
flux estimator but it has, unfortunately, little practical use in the form of (2.53). The
limited usefulness is due to the fact that the resulting closed-loop dynamics have poles
on the imaginary axis [47], and the VM is also known to cause problems with integrator
drift [22].

In spite of the mentioned problems, the VM is known to provide a very accurate
flux estimate at nominal speeds, but good low-speed operation can only be accomplished
through good knowledge of the stator resistance [116].

By substituting ¢, = ¢re’” and E} = Ege/” in (2.53), the equivalent IFO
representation of the VM becomes

=E; (2.53)

. dir . .o
Esel” = —thRejel + jb1PRe’™
di _ o
= % =E; — jwig.

After splitting the real and imaginary parts of (2.54), and solving the imaginary part
for wy, the lux-modulus estimator and the slip relation for the VM are found to be

din

(2.54)

)

= E, (2.55)

An IFO vector control system that uses the VM is shown in Fig. 2.5.

Recall that the static flux estimate g = Yot sufficed when using the CM. This
is not applicable for the VM, though: stability is lost when w, and ¢, have different
signs [47] (and |w,| > Rglig|/tret). A dynamic flux estimate is therefore useful for the
VM, at least marginal stability is then obtained [47].

Several VM variants have been proposed in order to circumvent the above dis-
cussed problems of the traditional VM. The following sections present an overview of
some VM variants, and one of these estimators will be selected for further studies.
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Current Sy. .
ZE___> control [ St.:::> IM drive

———> Voltage
~| model

Fig. 2.5. IFO vector control system that uses the VM.

2.6.1 Lowpass Integrator

The damping of the VM can be slightly improved by transforming the direct integration
in (2.53) to the following lowpass integrator

Ej
Pt ay

Vi = (2.57)
where p = d/dt. The filter bandwidth «, should increase with increasing stator fre-
quency, in order to obtain a reasonable trade-off between sufficient damping and field
orientation accuracy [22]. Henceforth, we select o, = A|w;|, where A is a gain parameter
that is greater than zero.

Unfortunately, the lowpass integrator does not allow for the combination of a well-
damped system and accurate field orientation [47, 99]. Consider (2.39) with accurate

model parameters in the steady-state operation, then ch = jw1P%. Substituting this
in (2.57) gives

Jwi VS = 1
Jwi + Awi| L JAsign(ws)

T = v (2.58)

for which the error angle becomes

0 = arg (lAPR) = — arctan(\) sign(wy ). (2.59)
V7

A small A must clearly be chosen in order to obtain a small error angle. For a numer-

ical example, the selections A = 0.1 and A = 0.2 yield § = £5.7° and § = +11.3°,

respectively, which are fairly small error angles. However, a closed-loop analysis, not to

be included here, would reveal that the system becomes poorly damped when selecting

such a small A\. The lowpass integrator offers, therefore, only a modest improvement
compared to the voltage model.

2.6.2 Modified Voltage Models

Reference [93] presented a modified VM, in which feedback of the quantity 1,.e?% — 9%
was introduced in the flux estimator. Although good results were shown, a drawback of
this estimator is that sensitivity to Ly, is introduced, via the selection of iy = Uret/ L.
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The sensitivity to Ly, can be avoided by using other modified schemes, since R, and
L, are the only, by necessity, sensitive model parameters for an inherently sensorless
flux estimator.

Reference [61] presented three modified variants of the VM. The most interesting
modified scheme was referred to as Algorithm 3, which introduced an additional state
variable. This estimator is only sensitive to the model parameters R, and L, but
the additional state variable complicates the analysis and the implementation of this
estimator.

Reference [101], similar variants have also appeared in [56, 64], presented a com-
pensation method for the lowpass integrator in (2.57):

. jor 4 Aen|  E3
S = , . 2.60
Vi Jwi P+ Awi| ( )

We shall, henceforth, refer to this flux estimator as the statically compensated voltage
model (SCVM). The ingenious property of the SCVM is that the “correct” flux estimate
of the VM is restored in the steady-state operation. The restoration to the VM can be
deduced by substituting p — jw; in (2.60), which recovers the open-loop integrator

Uy = B3 /jwr.

2.6.3 Discussion

It appears that the SCVM is the most promising alternative, of the ones here discussed,
for inherently sensorless flux estimation. Although the VM variants in [61] and [93]
are viable flux estimators, they have drawbacks that can be avoided. The SCVM is,
therefore, selected for further analysis and development, which will be the topic of the
following chapter.
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Chapter 3

Analysis and Development of the
SCVM

The previous results of [56, 64, 101] for the SCVM will be extended in this chapter, by
analyzing and developing the flux estimator.

The TFO implementation of the SCVM that results directly from DFO will in
this chapter be modified, by introducing a new gain parameter. This new parameter
enables arbitrarily pole placement for the SCVM, which is impossible for the previ-
ously presented SCVM. A thorough stability analysis follows, which provides several
enlightening observations and design guidelines for the SCVM. It is shown that the
dynamics resulting from the SCVM are asymptotically stable for small machines. For
large machines, however, stability at low speeds can only be ensured for lighter loads.
Recommendable gain parameters for nominal and low speeds are given.

The parameter sensitivity for the SCVM is analyzed. The existence of a singularity
for zero stator frequency is demonstrated, which makes operation at very low frequencies
difficult for the SCVM. Recommendations for proper selection of the model parameters
are given.

The chapter concludes with a discussion on various implementation issues for the
SCVM and experimental evaluation.

3.1 Indirect Field Orientation

The equivalent IFO implementation of the SCVM is derived by substituting p — p+ jw;

[l

in (2.60), removing superscripts “s,” and taking { g real-valued:
~  jwi+ Awi 1

1 — jAsign(w;)
Vg :
Jwi p+jwr + Awi|

: E;. 3.1
P+ jwr + Awi| ! (3.1
By splitting (3.1) into real and imaginary parts, and solving for wy in the imaginary
part, the slip relation and the flux-modulus estimator are found to be

B4+ Asign(w)E,

E; =

hp = 3.2

wR D+ /\|W1| ( )

o — E,— )\sign(wl)Ed‘ (3.3)
VR
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Chapter 3. Analysis and Development of the SCVM

Egs. (3.2)-(3.3) are obtained directly from DFO. In the present form, the estimator has
therefore one degree of freedom [47], since only the gain parameter A is available for
pole placement. A new coefficient p is hereby introduced:

~ pEy + Asign(w) E,
pu— 3.4
VR o+ Ao (3.4)
o — E,— )\siAgn(wl)Ed (3.5)
VR

in order to take advantage of the additional degree of freedom that is present for IFO.
We thus had g = 1 in (3.2). The below presented stability analysis will show that
1 enables arbitrarily pole placement for the closed-loop system, which is not possible
otherwise. Meanwhile, ;z does not affect the accuracy of the field orientation in the
steady-state operation.
Let us study the estimated flux modulus in (3.4). Solving this equation for diz /dt
yields
ddp . - . ~
—— = pby + Asign(wy) By, — Asign(wy)wy Yg. (3.6)
dt —_
jwr

When substituting (3.5) in this relation, the flux-modulus estimator reduces to

dyr

- ~ E,— s E
= pEq + Asign(wy) B, — Asign(w;)—2 sign(w) Fa

VR

Vp=(u+N)E; (3.7)

which reveals that 1)z does not depend on Eq. An equivalent but slightly simpler variant
of the SCVM can therefore be used:

dibp _
— =~k 3.8
dt VL (3.8)
_ E,— Xsign(w)Ey
Ur
where v = p + A2, These equations represent the flux estimator that will, henceforth,
be referred to as the SCVM, while the previous variant of the SCVM, resulting from
DFO (u=1), will be referred to as the original SCVM.
Observe that the conventional VM or the original SCVM can easily be recovered

from (3.8)-(3.9): [\,7] = [0,1] and v = 1 + A? yield the VM and the SCVM variant
that results from DFO, respectively.

Wi

(3.9)

3.1.1 Slip Relation in Disguise

For analysis purposes, the flux EMF can be expressed in terms of the rotor circuit loop
in (2.8):

d S
Es = YR _ R - (?l _ jwr> ve. (3.10)
M
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3.2. Stability Analysis

By substituting d/dt — d/dt 4+ jw;, and removing superscript “s,” the corresponding
expression in the synchronous reference frame becomes

d . . R .
E; = &+]w1wR:RRls— —R—ij Ygr (3.11)
dt Ly
which has the following real and imaginary parts
R .
Ed = L—R<LMZd — ¢d) — wrwq (312)
M
. R
E, = Rpiq + wethg — L—qu. (3.13)
M

Accurate model parameters are now assumed, meaning that E s =Epand ig = et/ L.
By substituting the above expressions for E; and E, in (3.9), the relation between the
excitation frequency and the true flux components is then found to be

wr¢d + RRiq - ﬁ% - A Sign<w1) (f—]‘i(wref - wd) - Wrwq)

Ly

Uk
Provided that the resulting dynamics from the SCVM are stable, 1)y and ¥z both
converge to e and 1, converges to zero. Eq. (3.14) then simplifies to w1 = w, +
Rpriy/vr. Even though (3.14) appears complicated at a first glance, it is, hence, simply
the standard slip relation in disguise. This is not very surprising: wy = w, + Rgi,/Vr

must hold for any flux estimator during perfect field orientation, which can be deduced
from (2.18).

(3.14)

w1 =

3.2 Stability Analysis

The following stability analysis considers the dynamics that result when substituting
the slip relation of the SCVM in (2.4):

d:lp—R = Rpis — (ﬁ + jwi(Qr, Vr) — wr]) Y. (3.15)
t LM
Together with the flux-modulus estimator in (3.8), these differential equations form the
closed-loop system model of the SCVM.

It is necessary to introduce some simplifications before initiating the stability
analysis. As discussed in Section 2.2, the stator current dynamics are disregarded, and
the rotor speed is assumed to be slowly varying for simplicity reasons. Therefore, w,, iqg =
it and i, = ifff will be treated as quasi-static parameters in the following analysis. The
model parameters are all assumed to be accurate, since the stability analysis becomes
far too complex to be tractable otherwise. The case of inaccurate model parameters will
eventually be treated separately, by studying the resulting error angle in the steady-
state operation.

Due to the assumptions, the below analysis is valid for a somewhat idealized case,
but several enlightening conclusions can still be drawn, as will be seen.
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Chapter 3. Analysis and Development of the SCVM

3.2.1 Nonlinear Dynamics Resulting from the SCVM

Provided the above assumptions, the dynamics resulting from the SCVM are governed
by the following equations:

d¢d . RR

T Rpiq — miﬂd + (w1 — W)Yy (3.16)
d . R

% = Rpiq — L—S% — (w1 — wr )4 (3.17)

dip , R

on =vEq =7 | Rpia — —R¢d — wrthy (3.18)
dt L

where iq = /Ly, and wy is given by (3.14). Egs. (3.16)—(3.18) represent a third-
order nonlinear system. The nonlinearity is introduced by the synchronous frequency wy,
which is a function of the real-valued state variables 14, 1, and Dg.

3.2.2 Equilibrium Points

By putting ¢y = ¥, = g = 0, and solving (3.16)(3.18) for 144, ¥, and ¥, the following
two equilibrium points are found:

[ z/):j(,l ] [ wref
L w%,l _ L wref
[ 1/1* 1 [ RR(RRwref - WTL?\/[ZAq) 1
- (wrLar)® + R,
RpLyi(wrthres + RRiq)
.| , 2
0,2 (WTLM)2 + R% <3 0)
o Ryl + (Lardg)’]
L Rz2 ] | wrewarLM)Q + R%DL]

These convergence points are henceforth labeled EP1 and EP2, respectively. The field
orientation at EP1 is perfect, while the error angle at EP2 is

N " R T re R .
tanf = wZ’Q = — ng 1?/ f.+ ZZ;), . (3.21)
77Z)d72 WrllR MZq + RZd

EP1 is hence the desirable convergence point, and should ideally be stable (sink) for
all speeds and torques, while EP2 should be unstable (source or saddle point). Unfor-
tunately, this is not the case. The following analysis will show that EP1 may become
unstable at low speeds, which results in various instability phenomena that concern
EP2.

When substituting the expressions for EP2 in (3.14), the resulting excitation fre-
quency is found to become

W1(¢2,27 1%,2: 1%{,2) = 0. (3.22)
Hence, w; ~ 0 for operation about EP2. This is an important observation, which in

a following section will help us to understand the instability phenomena of speed-
sensorless flux estimation.
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3.2. Stability Analysis

Inaccurately Modeled Ly,

For simplicity, Ly; = Ly has been assumed in the present stability analysis. This does
not affect the validity of the analysis, .which can be deduced by substituting iy = 1/ Ly
in (3.16)—(3.18), putting Vg = 1/'),1 = ¢r = 0, and solving for 14, 1, and ¥z. The following
then results

* Tx L *
wd,l = wRJ = E—erefa wq,l =0 (323)
M

for the equilibrium point that corresponds to the above EP1. The ¢-axis flux being
Yy, = 0 implies perfect field orientation, so Ly affects the flux modulus only. Since Ly,
and ¢ have similar effect on the flux modulus, L, # Ly, can therefore be modeled
in the present analysis by altering the value for ...

3.2.3 Linearization of Closed-Loop System
Linearization about EP1

The three nonlinear differential equations in (3.16)—(3.18) are linearized about EP1.
The resulting state-space system is found to become

[ ] [ Rp Rpi, 17 7
_ R 0
¢d LM wref wd
d R
E 77Z)q = - (Ldr + wo + ﬁ)\s) —Aswr Wy + Wwo 77Z)(1 <324>
~ R ~
L . L M . L .

where A\; = Asign(wy), wa = Rpriy/1ret, and the error variables

ZZ’Ul = ’lpd - ¢ref7 ?ZR = ?/AJR - ¢ref (325>

are introduced. Apparently, the standard slip relation appears in the matrix A. This
is in consequence of that accurate model parameters are assumed and the linearization
around the ideal operating point [ty = VR = Vret, 1, = 0], which in polar form becomes
(g = g = Yrer, @ = 0]. According to (2.23), the relation w, + wy = 6 = w; then holds,
which can, thus, be substituted in (3.24):

-4 R T
z/)d _L—R w1 — Wy 0 2/)01
M
d Ry
7| Y| = - (wﬁm&) —Aswy w1 Yy | - (3.26)
~ R ~
¢R _—R7 —YWr 0 ¢R
L1 L Ly I

~
AEPI

This provides a slightly simpler representation of the system matrix, which alleviates
the following analysis.
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Chapter 3. Analysis and Development of the SCVM

Analysis of the Linearized Dynamics about EP1

Due to the coupling between 1, 1, and ¥r, the full complex nature of the dynamics
resulting from the SCVM is not easily grasped, not even from the linearization about
EP1 in (3.26). The purpose of the following analysis is therefore mainly to point out
some essential characteristics of the dynamics that result from the SCVM for operation
about EP1.

The d direction in (3.26) is independent of the choice of gain parameters. For
small i,, 1), converges to 1. with the rotor time constant L,;/Rp, independently of

(CP8

g Rr -~ Rpgi,
S R, SRy, 2
dt LM¢d+ Uret K (3.27)
The ¢ direction in (3.26) is, on the other hand, very dependent on the gain parameter
Al
d R ~ ~
% = — (wl + L—R)\ Sign(wl)) g — Asign(wy)wry + w1¥g. (3.28)
M

For A = 0, the open-loop integration of the traditional VM is recovered in the closed-
loop dynamics, due to the lack of v, in the right-hand side of (3.28). This indicates an
oscillating behavior for the traditional VM. Interestingly, the damping of v, is greatly
improved for A # 0: at moderate speeds Asign(w; )w, > Rg/ L), is reasonable to assume,
so the dynamics of 1, are then much faster than those of 4. Provided that EP1 is
stable, this implies that accurate field orientation, ¢, = 0, is retrieved quickly after a
disturbance of some kind. However, at low speeds, then \ # 0 appears to be troublesome.
Consider the term —\sign(wy)w, 1, in (3.28): sign(w;) # sign(w,) leads to ¢q ~ +Ay,
i.e., 1, has then positive feedback.
The dynamics of ¥; appear to be open loop, since there is no ¢ in the right-hand
side of (3.26): _
dyr _  Rg

dt Ly

This is not the case, though, since v, and g are coupled: a deviation from Yy = 0
is easily seen in ¥y at nominal speeds. This provides negative feedback to g, via the
above equation and (3.28). The picture is quite different for low frequencies, however:
the coupling between v, and ¢ vanishes for w; = 0. Moreover, for sign(w; ) # sign(w, ),
then ¢z provides positive feedback to Py

Based on the above observations, it appears that stability problems at EP1 may
arise for the operation mode sign(w;) # sign(w,). Below, this is confirmed strictly, by
analyzing the characteristic polynomial of EP1 at low speeds.

Da — Ywr . (3.29)

Linearization about EP2

The three nonlinear differential equations in (3.16)—(3.18) have been linearized about
EP2. Unfortunately, the resulting state-space system was found to be too complicated
to be tractable. In order to simplify the analysis, it is therefore assumed that w, = 0.
This assumption follows from w; ~ 0 at EP2, which leads to w, ~ —Rgi,/1r ~ 0, on
condition that the mechanical dynamics are stable.
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3.2. Stability Analysis

Due to the assumption on w, = 0, the below analysis about EP2 is valid for a
slightly idealized case. Nevertheless, the approximation is fairly accurate for a specific
operation mode at EP2 (which will be referred to as “frequency lockup”), so some
valuable conclusions can still be drawn, as will be seen.

The linearization about EP2 involves the following steps:

e The assumption w, = 0 is substituted in (3.20). EP2 then simplifies to: 1] , = ¥er,
¢;,2 = LMZ’(P and 77Z);2,2 = Uret + (LMiq)2/¢ref'

e Error variables are introduced: ¢y = Ya—1V] 9, {ﬂq = Yy —1; 4, and Yp = ﬁR—ﬁfw,
where the equilibrium points are the ones that result from w, = 0.

e The assumption w, = 0 is substituted in the resulting state-space system.

By performing these steps, the linearized dynamics about EP2 are found to be

[~ [ _ﬁ RRiqwrefAs i RRiqwref 0 17 ~ 7
v e 02t (LarigP 02t (L2 &
d| - Rpt2 )\, R L2 _
SO | = et TR | (3.30)
LM[ ref + (LMZQ) ] ,lvbref + (LMZQ)
U L 0 ol ¥r
AR | L I
Agpa

where A\, = Asign(w;). It can be seen from (3.30) that ¢z is decoupled from both 1y
and 1), since there are only zeros in the third column of Agp,.
Characteristic Polynomial of EP2

The characteristic polynomial of (3.30), belonging to EP2, can be factorized to

RRrLyyi? o Uref i
det(pl — Agp2) =p (p + ﬁ) (p oMb Rrlqre Slgn(w1)> (3.31)

LM l?ef + (LMZQ)2 r26f + (LMZ(])Q
which has the following roots (poles of linearized system about EP2)
R RRZ wref)\ sign(wl) — }%RL]\/[Z'2
pr=0, pp=-—7", py= R — 1. (3.32)
LM ref + (LMZQ)

The pole p; being at the origin is a reminder of that ¥y is open loop in (3.30). Since
¥ is no longer involved in the “physical” dynamics of Y, this means that p; and the
dynamics of 1)z can be disregarded when analyzing EP2. Having drawn this observation,
the stability for EP2 is thus governed by ps and ps.

The pole py is stable, while p3 may be either stable or unstable. By substituting
Uret = Lagig in ps3, the following condition results

|ig| > iqAsign(wy) sign(i,) (3.33)

for stable operation about EP2. EP2 is thus bound to be stable for sign(i,) # sign(w;).
Stable operation is also guaranteed for |i,| > |izA|, which requires that i, is fairly large.
This means that the undesirable convergence point EP2 is, unfortunately, not unstable
for all speeds and torques. By recalling our previous observation w; ~ 0 about EP2,
EP2 may hence be stable for small w; and large i,.
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Chapter 3. Analysis and Development of the SCVM

Characteristic Polynomial of EP1

The characteristic polynomial of (3.26), belonging to EP1, is found to be

det(p] — AEPl) = p3 —+ k’gpQ + k?lp —+ k’o (334&)
where
Rp )
ky = — + Asign(wq)w, (3.34Db)
Ly
Rp | .
ki =wi | w + T Asign(wy) + (v — 1w, (3.34c)
M
R
ko = y—2 w2, (3.34d)
Ly

Stable operation about EP1 requires that all coefficients in the characteristic polynomial
are positive, and that the elements in the first column of the Routh array

P’ 1 k1

p2 ks Ko

pl o kok1 — ko 0 (3.35)
ko

pO ko 0

are positive as well, giving the additional constraint &’ > 0. Since ky > 0 is required for
stability, & > 0 is equivalent to

Henceforth, k& will be analyzed instead of &', due to its simpler expression. This analysis
will be carried out in the following two sections, where the two cases of nominal and
low speeds are treated separately.

3.2.4 Stability Analysis for EP1 at Nominal Speeds

The slip is negligible at nominal speeds, meaning that w; = w, holds approximately.
The coefficients in (3.34) then simplify to

R R
ky = =2 4 Xsign(w,)wr = — + Aw, | (3.37)
Ly Ly
o RR . . RR 2
ki = w, | w + —Asign(w,) + (v — Dw, | = —A|w,| + yw? (3.38)
Ly Ly
R
ko = yrew? (3.39)
Ly
which give the following characteristic polynomial
R R R
det(pl — Agp1) =~ p* + i MNw,| | p? + [ yw? + —R)\|wr| P+ —R’wa
Ly Ly Ly
» (3.40)
= (p + L—R) (" + Arlp +707).
M
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3.2. Stability Analysis

The characteristic polynomial at nominal speeds has the following roots (poles of the
linearized system):

R ) r
plz—ﬁ, p2,3:—()\i]\/47—>\2)|wT|- (3-41>

Based on (3.41), the following conclusions can be drawn:

e The system is always asymptotically stable for A > 0, since this selection yields
poles that are located in the left-hand side of the complex plane.

e The traditional VM is recovered for A = 0, v = 1. The poles are then located at
D23 = L£jw,, giving a system that is marginally stable.

e For small A and v = 1, the closed-loop poles of the SCVM approximately coincide
with the poles of the uncompensated VM with lowpass integrator. With A = 0.2—
see Section 2.6.1 for the corresponding error angle—the poles are at py 3 &~ —(0.1+
J)|ws|. This corresponds to an angle of 84° relative the negative real axis, which
is only a modest improvement compared to the damping of the traditional VM.

e The selection v = 1+ A? recovers the original variant of the SCVM, which results
from DFO. The system is then still fairly poorly damped, since the poles p, 3 are
located at an angle of arctan[y/4/A? 4 3] relative the negative real axis. Even if a
large A is selected, an angle of less than 60° relative the negative real axis cannot
be obtained.

e The additional degree of freedom for IFO (1 # 1) enables arbitrarily pole place-
ment. A rule of thumb is that poles at 45° relative the negative real axis yield
sufficient damping. Such poles are obtained by selecting v according to

v = %2 = pas=—A(1%7) |“‘;T| = —%|wrleij”/4. (3.42)

Henceforth, the specific gain parameters
A=V2, y=1 (3.43)
are selected at nominal speeds, giving poles at ps 3 = —|w7«\eij“/ 4. The usefulness

of these gain parameters, and particularly v = 1, will become apparent in the
following analysis at low speeds.

e Interestingly, the above gain parameters reveal a close relationship between the
SCVM and the traditional VM. Consider the SCVM in (3.8)—(3.9) with v = 1:

) ~ E, — \si E
Wr _ g oy = Loz Asign(@n) Ea (3.44)
dt bn
and compare this to the VM in (2.55)—(2.56):
dp E
Wr _ g o = 21 (3.45)
dt VR
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Chapter 3. Analysis and Development of the SCVM

The two estimators differ only by the introduction of £y in the slip relation of the
SCVM. As discussed in Section 2.5: E; ~ —wy1)zf and Eq ~ wytp for small 8 at
nominal speeds. Substituting these relations in the SCVM slip relation results in

ZR (wr + M |7). (3.46)

R

The additional feedback of @ is, hence, the explanation to the well-damped dy-
namics resulting from the SCVM at nominal speeds.

3.2.5 Stability Analysis for EP1 at Low Speeds

The above selection 7 = 1 at nominal speeds can also be recommended for low speeds.
Consider (3.34c): v = 1 clears the dependency on w, in ky, and this ensures k; > 0.
Regarding A, the following analysis will reveal that A = /2 is suitable for nominal
speeds only, while a better choice exists for low speeds.

By repeating the expression for ky from (3.34b), substituting v = 1 in (3.34c)—

(3.34d), and evaluating k in (3.36), the following coefficients

Rp
ky = — + Asign(w; )w, (3.47)
Ly
Rg | .
ki =wy | w + —Asign(w) (3.48)
Ly
Rg
ko = —w} A
0= T (3.49)

k= (f—M + Asign(wy)w ) (wl + f—;)\ sign(wl)) - mw%

Rr\’ Rg . .
(ﬁ) + (wl + ﬁ)\ 81gn(w1)> wT]

(3.50)
= )\|w1|

must remain positive for stable operation at low speeds. Based on (3.47)—(3.50), the

following conclusions can be drawn:

32

e Marginal stability is obtained for w; = 0, since the coefficients then become k; =

ko = k = 0. As discussed in Section 2.5, it is impossible to extract information
regarding @ from the flux EMF at zero excitation frequency.

For wy # 0 and sign(w;) = sign(w,), then {kq, ki, ko,k} > 0. The dynamics
resulting from the SCVM are therefore asymptotically stable when w; and w,
have equal signs, which is always fulfilled for normal operation at nominal speeds.

Stability cannot be ensured for sign(w;) # sign(w,): the coefficients k; and kg
are then still positive, but at least one of the coefficients ky or k£ may become
negative. The troublesome operation mode sign(w;) # sign(w,) was indicated
already in Section 3.2.3.

e The following observations can be made for the critical mode sign(w;) # sign(w;):



3.2. Stability Analysis

1. A speed reversal under load (non-zero slip) is problematic. The critical mo-
ment for stability occurs immediately after a reversal of either w; or w,, such
that the signs of w; and w, differ.

2. A speed reversal for an application where the load torque is zero at standstill
should be a relatively easy task. The slip for such a load is (almost) zero at
zero speed, so wy and w, change signs (almost) simultaneously.

3. The selection Ly, < Ly is recommended, which can be achieved by per-
forming the usual no-load test at a stator voltage that is slightly above the
nominal value. This selection ensures, via the relation z'ilef = Yret/ L M, that
the machine is not operating below the nominal rotor flux. Consequently, the
slip is slightly reduced, and the region where sign(w;) # sign(w,) is made

smaller.

This recommendation for Ly, is the opposite compared to [46], but the flux
estimator in this reference used U5 = 1,er instead of a dynamic .

Consider a slow speed reversal under non-zero load torque for accurate field orientation.
Immediately after a sign change in wy, then w, = —Rpgi, /1. Substituting this in (3.47)
gives the following necessary condition for stability:

ky=——X =—(1-A — >0 3.51
2 = 7 = Asign(en) T = 72 (1= Asign(en) 2 (3.51)

which is equivalent to
Qg > igAsign(wy). (3.52)

For stability, ¢, can therefore be no larger than

iq < Z—d, w1 >0
A (3.53)
iq > —Xd, w1 < 0.

The following additional conclusions can now be drawn on low-speed operation about
EP1:

e Only loads requiring |i,| < iq/v/2 can be safely reversed when A = /2. The
critical moment for stability is when w; ~ 0, and the sign of w; equals the sign
of i,. This corresponds to that the signs of w; and w, differ, and agrees with the
above conclusions.

e With respect to the requirement ks > 0, the gain parameter A must be lowered
in order to allow for |i,| > i4/+/2. This can be accomplished with

A=plwi|, p>0 (3.54)

for instance. It can be observed that this selection for A, and v = 1, recovers the
traditional VM for w; = 0.
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Chapter 3. Analysis and Development of the SCVM

The coefficients ks and k will now be investigated for the selection A = p|w;|, since
these two coefficients are the ones that may become negative at low speeds. By seeking
the minima for the coefficients, it will be shown that the dynamics resulting from the
SCVM can be made asymptotically stable for small machines, even for the critical mode

sign(wn) # sign(e,).

Analysis of ko
Substituting A\ = plw;| and w, = wy —ws in (3.47) gives

R . i
ky = e plwr| sign(wr)(w — ws) = pwi — pwows + = (3.55)
L Ly

The second derivative of ky with respect to w; is 2p, which is positive for p > 0.
Therefore, ks has a global minimum when

ok
(?—w? = 2pw; — pwy = 0. (3.56)

Solving this equation for w; yields the critical frequency

%)

Substituting this in (3.55) gives the minimal value for ko
2
pw;  Rp
ks min = ——— + —. 3.58
8 1 Iu (3.58)
By solving the inequality k2 min > 0 for p, and considering p > 0, the following constraint
4Rp Rrig  La (2ia)’

0<p< = = =— | — 3.59
P W%LM {wQ wref RR Z‘q ( )

is found to ensure ky > 0, which can be fulfilled by selecting sufficiently small p.
Unfortunately, a stricter constraint is imposed on p for £ > 0, as will be shown in
the next section.

Analysis of k

The minimum of k coincides with the minimum of

2
§ i <ﬁ> + (w1 + f—R)\ sign(w1)> Wy (3.60)

- /\|w1| - LM M

since M|wy| > 0 for all wy # 0. The case w; = 0 can be neglected in the present analysis,
since it unavoidably yields a system that is only marginally stable. Substituting A =
plwr] and w, = w; —wsy in € gives

2
&= <f—;> + (wl + f—jp|w1|sign(w1)) (w1 — wo)

R R R (3.61)
— PR\ 2 pPItR R
_<1+LM>w1 <1+LM>w2w1+(LM) .
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3.2. Stability Analysis

The second derivative of ky with respect to wy is 2(1 4+ pRg/Lys), which is positive for
p > —Lyr/Rg. Therefore, ky has a global minimum when

o6 pRR pRr _
T = <1 + I ) 2wy (1 + o ) wy = 0. (3.62)

Solving this equation for w; yields the critical frequency

Wa

5 (3.63)

w1 =

Hence, ky and k have the same critical frequency. By substituting the critical frequency
in (3.61), the minimal value for ¢ is found to be

Rp\ w? [ Rg\’
fminz—(1+i—;)%+(ﬁ). (3.64)

For stability, & > 0 is required. By solving this inequality for p, and considering
p > 0, the following constraint
24\ >
(ﬁ) - 1] (3.65)
lq

is found is to ensure k£ > 0. Based on (3.65), the following conclusions can be drawn:

4Rp Ly Ly

0<p< - = =
P w%LM RR RR

e The constraint in (3.65) is stricter than the one that results from ks > 0. Eq.
(3.65) is therefore the ultimate condition for stable operation about EP1.

e The maximum ¢, that can be safely reversed, for R, = R,, becomes

9i \ 2
(ﬁ) —1>0 = |iy] < 2ia. (3.66)
tq

However, this requires a very small value for p, which provides poor damping.
Recall that p ~ 0 results in A = 0, which recovers the marginally stable VM. The
following p is instead recommended:

V2

W1, min

p= (3.67)

in order to achieve a reasonable damping at low speeds. By substituting this in
(3.54), the following A is then obtained:

A= M, ]u)l] S W1, min (368)
wl,min
for frequencies below w; min. Except reasonable damping, this selection also allows
for a smooth transition between nominal speeds (A = v/2) and low speeds, which
is depicted in Fig. 3.1. The parameter wj i, should be selected much smaller than
the nominal frequency, i.e., in the range of 0.05-0.1 pu.
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Chapter 3. Analysis and Development of the SCVM

Fig. 3.1. Selection of \.

Let us study the above gain parameter selection, and see what loads that can be safely
reversed. By substituting p = v/2/wi i in (3.65), the condition for stability is found

to be: , ,

2 L 2 ) 4

V2 Lu (_d) Sl = (_) e
wl,min RR Zq 14 1 4 ﬂ

wl,minLM

The current components are hereby expressed as i, = \/|is|20x — z% and iq = Yt/ L,
which are then substituted in the above inequality:

.12 2 L . 2 4
lis max g _ ( M|ls|max> e (3.70)
; o VA
wl,minLM

This inequality has been solved numerically for Lj;, with the values .. = 0.9 pu,
lis|max = 1 pu, Rr = 0.04 pu and wy min = 0.05 pu. The resulting condition for L), was
found to be

Ly < 1.6 pu. (3.71)

With the exception of w; = 0, this condition implies that reversal of rotation with rated
current 1s guaranteed to be stable for small machines, i.e., machines that have small
Ly;. For larger machines, reversal of rotation is guaranteed to be stable only for lighter
loads.

Observe that EP1 is asymptotically stable for {ks, k} > 0, but global stability has
not been shown. Therefore, even if ky > 0 and k£ > 0, a large disturbance of some kind
may make EP1 unstable.

Fig. 3.2 shows pole loci for a stable rotation reversal with |is| = 1 pu. The loci are
plotted for a small machine, which has Lj;; = 1.4 pu. As seen, the pole loci for w; <0
and wy > 0 are quite different. Poor damping is indicated in Fig. 3.2(b), where the poles
for wy; > 0 initially slide along the imaginary axis. Two of the poles are at the origin
for w; = 0, which confirms marginal stability for zero excitation frequency.

3.3 Instability Phenomena

As already indicated in Section 2.5, and now confirmed analytically, speed-sensorless
operation is not necessarily stable at low frequencies. The above stability analysis pro-
vided an accurate description of when instability phenomena are present, i.e., when EP1
becomes unstable. However, the analysis can only partly explain how these phenomena
manifest themselves, since also the mechanical dynamics need then to be considered.
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Fig. 3.2. Pole loci for the linearized dynamics resulting from the SCVM. Stable rotation
reversal with wi min=0.05 pu, |is|=1 pu, e = 0.9 pu, Lyy=1.4 pu, i,=0.77 pu. (a) wy < 0.
(b) w1 Z 0.

Two instability phenomena are present for speed-sensorless flux estimation. These
are here referred to flur collapse [46] and frequency lockup. Frequency lockup has pre-
viously been reported in [32], where it was referred to as “speed estimation failure.”
We shall now extend the results of [32, 46], by discussing the underlying mechanisms
behind these instability phenomena. The resulting conclusions are verified by simula-
tions made on the 22-kW test machine in Table 2.2. The simulation parameters are:
Wimin = 0.05 pu, L, = 1.1L,, Ly; = 1.1Ly;, R = 0.9RR, 1yt = 0.8 pu, and the band-
width of the speed control loop is 0.02 pu. The critical model parameter R, is explicitly
stated for each simulation.

3.3.1 Instability and Flux Dynamics

Once EP1 becomes unstable, [1)4, 1, l/A)R] converge to EP2, where either flux collapse or
frequency lockup may occur. In order to gain a better understanding of these instability
phenomena, the flux dynamics in (2.22) must be considered:

Yr = Rg(igcosf +i,sinf) — f—RwR (3.72)
M

which for small , such that sin@ ~ # and cos@ ~ 1, simplifies to

Yr ~ Rp(iqg +i,0) — &@DR- (3.73)

This approximation is sufficiently accurate for our discussion purposes. It will now be
argued that the above product of i, and 0, which may be large at EP2, determines the
resulting instability phenomenon at EP2.

3.3.2 Flux Collapse

Consider sign(f) # sign(i,) in (3.73). In consequence of the resulting magnetizing cur-
rent in the rotor-flux-oriented reference frame:

i =g +i0 =ig— i 0] (3.74)
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(b)

Fig. 3.3. Instability phenomena. (a) Flux collapse: # > 0 and i, < 0, giving i} < iz and
Yr < 0. (b) Frequency lockup: § > 0 and i, > 0, giving z'g > iq and i > 0.

then being smaller than 74, or even negative for ]iq9~| > 14, the flux modulus begins to
decrease. Fig. 3.3(a) depicts this process as a space-vector diagram. For a constant i,
the reduced flux modulus in turn reduces the electro-mechanical torque. Unless the load
torque is almost zero at zero rotor speed, the speed is then being accelerated by the
load torque. Since w; =~ 0 at EP2, this implies that the slip frequency increases, and the
breakdown torque of the machine is eventually exceeded. Provided that the load torque
remains constant, the rotor speed may now reach a very high value. By substituting a
large value for w, in (3.20), this asymptotically leads to

Ym0, Wy ~0. (3.75)

The machine is thus being nearly fully demagnetized—the flux collapses—and the ma-
chine is therefore incapable of developing torque. With respect to the equivalent circuit,
the rotor appears as short-circuited seen from the stator terminal, due to the large slip
now present, so the current through the magnetizing inductance is close to zero.

A simulation of flux collapse is shown in Fig. 3.4, where R, = 0.7R,. The speed
reference in Fig. 3.4(a) is initially stepped through the sequence —0.2, 0.2, 0, —0.02 pu,
and a constant load torque that requires ¢, = 0.6 pu is applied after one second.
Eventually, the speed reference is slowly positively ramped at t = 8 s. For ¢t < 8 s, the
performance is good, except for some minor deviations from & = 0, which are seen in
Fig. 3.4(c). These deviations occur when the speed reference is stepped from —0.2 pu to
0.2 pu, and for zero rotor speed. Observe that zero rotor speed is not necessarily critical
for stability, at least not for non-zero slip. Unfortunately, the slow positive speed ramp
against the load torque eventually results in flux collapse at ¢ = 10 s. The following
additional remarks can be made on flux collapse:

e Flux collapse results in total failure for a speed-sensorless drive, since neither the
torque nor the speed can be controlled.

e For a reversal of rotation, the greatest risk for flux collapse occurs when the load
torque opposes the speed reversal. Otherwise, the speed reversal may be completed
by the load torque, such that stable operation at EP1 once again results. However,
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3.3. Instability Phenomena

this is not a general rule, since the load torque must be capable of reversing the
speed faster than the flux modulus decreases.

For speed closed-loop control, flux collapse is sensed by the speed controller as
a deviation from the speed setpoint. In an attempt to correct this, the speed
controller requests for a larger g-axis current, and eventually the maximum i,
allowed is reached. As seen in (3.73), this accelerates the reduction of the flux
modulus. Flux collapse is, hence, initially a fairly slow process, essentially governed
by the rotor time constant L;/Rg, but this is speeded up the speed controller.
Alternatively, the speed controller may trigger a tendency to flux collapse into
complete collapse.

If the speed reversal is made sufficiently fast, the flux modulus is initially reduced,
but there is not sufficient time for the flux collapse to fully develop. After all, the
flux modulus cannot change instantaneously. A similar phenomenon was in [46]
referred to as flur excursion. Consequently, flux collapse can only occur if w;
dwells at low excitation frequencies.

The flux modulus is hardly affected at all if the low-speed region is ridden through
quickly or if 4, is small, where the latter implies small load torque for zero speed.
The risk for flux collapse is then minimal.
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Fig. 3.4. Simulation of flux collapse with R4=0.7R; a constant load torque is applied at
t=1 s, resulting in 7,=0.6 pu.

(@) 0.4 7
>
2 024

ref (

s 0 1

[

S 027

Fig. 3.5. Simulation of frequency lockup with R;=1.4R,; a constant load torque is applied
at t=1 s, resulting in i,=0.6 pu.

40



3.3. Instability Phenomena

3.3.3 Frequency Lockup

Consider sign(f) = sign(i,) in (3.73). This is the opposite case compared to flux col-
lapse, so the flux modulus now begins to increase. Fig. 3.3(b) depicts this process as
a space-vector diagram. Practically, the flux modulus can only become slightly larger
compared to the nominal rotor flux, due to magnetic saturation, but this operation
mode can at least not result in flux collapse. In contrast to flux collapse, the machine
is therefore capable of developing torque and the mechanical dynamics are stable. Al-
though frequency lockup is here referred to as an instability phenomena, the lockup
hence corresponds to stable flux and speed dynamics about the undesirable equilibrium
point EP2. In consequence of the stable mechanical dynamics and w; =~ 0 for operation
about EP2, both wy and w, lock on to constant values.

Frequency lockup has much in common to an induction machine in the open-
loop operation, since the SCVM provides almost no feedback for operation about EP2.
According to (3.68), A is selected small for small w;. Hence, the SCVM provides only
minor feedback for operation about EP2, where w; =~ 0. In addition, the SCVM provides
no feedback at all for w; = 0, as discussed in Section 2.5.

The final settling point for frequency lockup results when the mechanical subsys-
tem reaches the steady-state operation. Substituting (2.19) in (2.12), putting w, = 0
and assuming b = 0, gives:

0 = 3n,Vg(igcos @ —igsinf) — T;. (3.76)

We now consider the above equation for a small load torque, such that 7; ~ 0. This is
a somewhat doubtful assumption, however, since EP1 is normally stable for zero load
torque at low speeds, meaning that frequency lockup is unlikely to occur. Bearing this
remark in mind, 7; = 0 is substituted in (3.76), which is then solved for :

tand = -2, (3.77)
td
The above equation can be interpreted as the error angle opposes any attempt to
increase the electro-mechanical torque through i,.

Let us now compare (3.77) with the error angle for EP2 in (3.21), which resulted
from the stability analysis of the electrical subsystem. Since w; ~ 0 about EP2, the
no-load operation must correspond to w, ~ 0. By substituting this in (3.21), the error
angle for the no-load operation at EP2 becomes

tand = 4. (3.78)
td
This is identical to (3.77), which indicates that frequency lockup indeed corresponds to
operation about EP2 for stable mechanical dynamics.

A simulation of frequency lockup is shown in Fig. 3.5. Similar to the above simu-
lation of flux collapse, the slow ramping of the speed reference against the load torque
is critical. The flux modulus in 3.5(c) does not collapse, but the field orientation dete-
riorates, and the synchronous frequency in Fig. 3.5(a) locks on to a value close to zero
at t = 10 s. The speed controller attempts to complete the speed reversal by increasing
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iq, but this does not increase the torque since the error angle meanwhile increases, as
seen in (3.77). It can be observed from Fig. 3.5(a) that the speed estimate is fairly
accurate for frequency lockup; the stationary values for the speed and the speed esti-
mate become w, ~ —Rpi, /g and &, = w; — Rgi,/tr ~ —Rgi,/{r, respectively. The
following additional remarks can be made on frequency lockup:

e For a reversal of rotation, frequency lockup can only occur if the load torque op-
poses the speed reversal. Otherwise, the load torque completes the speed reversal
when T, reduces, so the equilibrium in (3.76) cannot occur.

e The flux modulus is hardly affected at all if the low-speed region is ridden through
quickly, or if 7, is small, i.e., the load torque is almost zero for zero speed. Then,
the risk for frequency lockup is minimal.

e Fig. 3.5(c) reveals that 15 is much larger than ¢, for frequency lockup. This can
be deduced from the equilibrium point in (3.20): 2/73’2 > er for small w,.

3.4 Parameter Sensitivity

Although the above analysis of the dynamics resulting from the SCVM has provided
several enlightening observations and design guidelines, the complete picture is in reality
even more complicated. This is partly due to that accurate model parameters have, until
now, been assumed.

By subtracting the true flux EMF in (2.41) from the estimated one in (2.42), the
parameter sensitivity of the SCVM is revealed:

E; = (R, + jwi1 Lo )iy + (U + j00r)e” — (B, + jwr Ly )i,

= (Ro+ jwiLo)is + ($r + j0vr)e’” . (3.79)
E;
where
Ri=R,—R,, Ly=L,—L, (3.80)

are the errors in the model parameters. The steady-state operation is now considered
in order to derive the error angle. By substituting the real part of (3.79):

Ed = Rsid — wligiq + ¢R COSg — 97703 sing (381)

in (3.8), putting Yr = g = 0, and solving for @, the error angle is found to be

0 = arcsin (RSZCI — wl.LUZq) ~ arcsin ( Fsia — ngq) (3.82)
0Yr 0Yr wiYr YR

where the latter approximation assumes #; ~ w;. Eq. (3.82) holds for operation at
both EP1 and EP2, since £y, via (3.8), is always forced to zero by the flux-modulus
estimator.
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At nominal speeds, the resistive part in (3.82) is small and the inductive part
dominates: ~
0 ~ — arcsin <ﬁ> . (3.83)
VR
The values L, = 0.1 pu, i, = 1 pu and 1z = 0.9 pu are considered for a numerical
example, i.e., a fairly large L, and a large current. These values give the error angle § =
—0.11 rad = —6.4°. This is a small error angle, which shows that the field orientation
of SCVM is accurate at nominal speeds. In the field-weakening region, where 1)z must
be lowered, slightly less accurate field orientation can be expected.
The picture at low speeds is the opposite to the above; the resistive part of 8 then

dominates: B ~
~ . R ) R
6 = arcsin ( 4 ) A arcsin ( = ) (3.84)
W1YR w1 Ly
where the latter approximation assumes ©r ~ Ljtg. It can be seen that w; = 0

yields a singularity in (3.84). The singularity is due to that the error R,ig in (3.81)
is misinterpreted by the flux estimator as a change in 8, which has a devastating effect
on the field orientation. If w; dwells at w; ~ 0 for too long, the dynamics of 8 are
given sufficient time for the field orientation to fully deteriorate, even for R, ~ R,. Not
surprisingly, this is highly critical for the stability of EP1.

To avoid the singularity for w; = 0, the preferred alternative would be if the
sensitivity to R, were less severe, or if R, could be accurately estimated. Two approaches
are thus possible for making R, less critical a model parameter:

1. Design the flux estimator such that it does not require knowledge of R,. Such
estimators were studied in [97], which used an MRAS scheme, and [47], which used
an estimator that was referred to as the “reactive power model.” Unfortunately,
at least the reactive power model was found to be unstable for sign(w,) # sign(i,)
47].

2. Estimate R, “on-line.” Such schemes have been around for a long time, see for
instance [16, 45]. However, this approach may very well be equivalent to the above
one, i.e., to design a flux estimator that does not require knowledge of R,.

We consider both methods as interesting, but leave them to future research.

3.4.1 Selection of Model Parameters

Neither flux collapse nor frequency lockup is desirable, but at least flux collapse must
be avoided, since it is the most critical instability phenomenon. As discussed in Section
3.3.3, flux collapse cannot occur if sign(f) = sign(i,). The following model parameters
aim to satisfy this relation, such that frequency lockup results when EP1 becomes

unstable. For this purpose, (3.82) is considered for small g, such that sinf ~ 8-

R, L.,
wily — Yr

0 ~

(3.85)
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Essentially, only the sign of # is relevant in following discussion. The assumption on
small  is therefore valid for |f] < 90°. Based on (3.85), the following recommendations
can be given for L, and R, in order to achieve sign(f) = sign(i,):

L,: Make sure that L, > L,, such that L, = L, — L, < 0. The signs of 0 and the
inductive part in (3.85) are then related as

sign(f) = —sign (%) = sign(i,). (3.86)

Interestingly, L, > L, agrees with the recommended L, for field-weakening con-
trol in [53].

R, Theoretically, Ry should be selected as:

R, < R,, sign(w) = sign(i,) (3.87a)
R, > R,, sign(w) # sign(i,) (3.87b)

such that R, and the product w4, have equal signs. The signs of 6 and the resistive
part in (3.85) are then related as

sign(f) = sign (ﬂ) = sign(i,). (3.88)
wi L

It may be difficult to fulfill the above selection for R, in practice, however, since
the true R is generally unknown. If R, is greatly overestimated or greatly un-
derestimated by R;, then frequency lockup may occur at low frequencies even
for seemingly “simple” operation. It is hence preferred that Ry is confined to a
well-defined and relatively small interval. Such an interval can possibly be found
from a thermal model of the machine [112].

Fig. 3.6 shows a simulation where the system is forced to frequency lockup via R;. Notice
that the flux modulus remains fairly constant about .., so the critical flux collapse is
safely avoided. The resulting performance is still far from satisfactory, however, since
the speed reversal cannot be completed.

3.4.2 Lower Limit for Sustained Low-Frequency Operation

For inaccurately modeled R, an approximate value of the lowest stator frequency al-
lowed in the steady-state operation can be calculated from (3.84). Solving this equation
for wy, and considering # = 20° = 0.34 rad as the maximum error angle allowed, gives

RS max RS max
min — — R 3— 3.89
“L Ly sin(0.34) Ly (3:89)

where R max is the maximum model error for R,. For a worst-case scenario, a 60 %
model error of R, is considered:

06Rs cold Rs cold
—— =18—""— 3.90
Tor o (3.90)

W1, min = 3
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t(s)

Fig. 3.6. Selection of stator resistance to avoid flux collapse; a constant load torque is
applied at t=1 s, resulting in i,=0.6 pu. The estimate R, is varied between 0.9R, and 1.4Rj,
in order to avoid flux collapse.

where R coq is the resistance of a “cold” machine. Small machines, with relatively
large Rs and small L;;, will have the largest wj pin, so the 4-kW machine in Table 2.2
is considered for a numerical example. With R, .oq = 0.04 pu and Ly, = 1.4 pu, then
Wimin = 1.8 -0.04/1.4 ~ 0.05 pu. Hence, in order to be prepared for a very incorrect
R,, sustained speed-sensorless operation for |w;| < 0.05 pu should be avoided.

A method to avoid sustained low-frequency operation was presented in [31], and a
similar algorithm also appeared in [76]. The synchronous frequency is with this method
controlled by the flux modulus, such that the time spent in the low-frequency region is
reduced to a minimum. However, this procedure demands for a large current modulus,
since the flux modulus must be lowered quickly by 4. We find this algorithm interesting;
it is already patented and used in practice [34]. However, since a large current modulus is
required (the inverter must be designed to allow over-current), the method is henceforth
not considered.
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3.5 Destabilization of Frequency Lockup

If frequency lockup has resulted from EP1 being unstable, then it may be possible to
destabilize this instability phenomenon, such that stable operation about EP1 once
again results. Below, two remedies that may accomplish this are discussed. Both meth-
ods presume that is possible to avoid flux collapse by proper selection of R,, as described
in Section 3.4.1.

According to (3.33), frequency lockup (operation about EP2 with stable flux and
mechanical dynamics) is stable for

|ig| > 1gAsign(wy ) sign(iy). (3.91)

This condition must be falsified in order to destabilize frequency lockup. Once EP2
has been made unstable, stable operation about EP1 is hopefully recovered. As seen
from the above inequality, there are several alternatives that may destabilize EP2, but
only two of these possibilities will be explored here: destabilization of EP2 by means of
decreasing i,, and destabilization by means of increasing A. Consider (3.91): given that
i, and wy have equal signs, then iy > |i,| destabilizes frequency lockup. Thus, both
decreasing i, and increasing A have similar destabilizing effects on frequency lockup.

3.5.1 Destabilization through ¢,

Fig. 3.7 shows a simulation of making frequency lockup unstable via ¢, through speed
control. A constant load torque is applied at t=1 s, resulting in 7,=0.6 pu. The frequency
lockup is first detected from 1z being much larger than v..;. Then, the intended speed
reversal is temporarily abandoned by selecting a negative speed reference. In conse-
quence of the negative wyt, the speed controller demands for a smaller i,, which has a
destabilizing affect on frequency lockup according to (3.91). As seen in Fig. 3.7(c), ac-
curate field orientation is retrieved at t = 10 s, and ¥ g approaches 1yer. Once g & VPref,
then a faster attempt to reverse w, is triggered. This leads to a successful rotation
reversal, since there is not sufficient time for frequency lockup to develop this time.
Even though the rotation of reversal is eventually completed, the drawback of the
described algorithm is that the true rotor speed must temporarily deviate from wys.

3.5.2 Destabilization through A

As observed in Section 3.3.3, ¥y is larger than 1y for frequency lockup. In order to
make frequency lockup unstable by means of increasing A, this observation is integrated
with our previous choice for A at low frequencies in (3.68):

2
:M+)\p

W1, min

)\ ({&R - 77Z11“ef)7 |W1| S wl,min (392)
where ), is a positive gain parameter. As seen, feedback of the quantity P — et is added
to A for |wy| < wy min. For stable operation about EP1, then ?ER ~ 1 and the feedback
hardly affects A at all. For frequency lockup, on the other hand, the feedback gains
A, which in turn makes (3.91) false, such that stable operation about EP1 hopefully
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results. Given that w; and 7, have equal signs, then the following selection for \, falsifies
(3.91) for Pr > 141

Ap = 3@. (3.93)

Z

Fig. 3.8 shows a simulation of the described algorithm. Frequency lockup is about to
occur at t = 9.5 s, which can be seen from the large  in Fig. 3.8(c). The flux estimate
in Fig. 3.8(c) increases due to the lockup, which in turn gains A\ via the feedback in
(3.92). This makes EP2 unstable—accurate field orientation is retrieved—and the large
accumulated ¢, provides a fast and successful speed reversal, since there is not sufficient
time for frequency lockup to once again develop.

Even though the speed reversal in Fig. 3.8 is completed in nearly the intended
manner, the success of the method relies on that flux collapse is avoided through proper
selection of R, and stability has not been proven. Nevertheless, the promising result
indicates that it may be possible to overcome the large sensitivity to R, for sensorless
control. As discussed in Section 3.4, the preferred alternative would be if this could be
directly integrated in the flux estimator design.
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Fig. 3.7. Destabilization of EP2 through i,; a constant load torque is applied at t=1 s,
resulting in 7,=0.6 pu.
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Fig. 3.8. Destabilization of EP2 through A; a constant load torque is applied at t=1 s,
resulting in i,=0.6 pu.
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3.6 Implementation Issues

SCVM cannot be directly implemented in the form of (3.8)—(3.9). This is due to
that (3.9) has an algebraic loop; both E; and E, are functions of w;. In [50], this
algebraic loop was broken up by embedding the selection of w; within a first-order low-
pass filter. This is a perfectly viable solution, but it is here preferred to solve (3.9) for
wy. Splitting the real and imaginary parts of (2.42) gives

Ey=vq— Rgig+wi Ly, E,=v,— Reiq—wiLyig. (3.94)

By substituting these relations in (3.8)—(3.9) and solving (3.9) for w, the following
practical implementation of the SCVM results

vy — Ryiy — Asign(w;)(vg — Ryig)

wp = = = 3.95
! Yr + Ly [z’d + A sign(wl)z’q} ( )

dip ~ -
% = ’}/(Ud — Rsid -+ wlLoz’q) (396)

where
7 |w1| > W1, min
V2|w 3.97
| 1’ ) |W1| S wLmin ( )
%1 ,min

= 1. (3.98)

It is recommended to select wy min equal to the above discussed lower limit for sustained
low-frequency operation, which means wi i, = 0.05 pu.
With fast and accurate stator current control, iy and i, in the above SCVM

*ef. This reduces the sensitivity to noise.

ref

equations can be replaced with 5" and i

3.6.1 Discrete Implementation
The discrete form of the SCVM, using the forward difference approximation [10], is
Vg — Rsigr — N sign(wi j—1)(Var — Reiag)

Orp + Lo i + M sign(wi j—1)igx]
Vrir1 = Urp + VTs(Var — Rsiax +wixLoiqr) (3.100)

(3.99)

Wik =

where Ty is the sampling period. Note that sign(w; ;) is approximated with sign(wy x_1)
in the right-hand side of (3.99). This approximation is incorrect for one sampling instant
only, namely immediately after a sign change in w;.

3.6.2 Summary of Recommended Model Parameters

The following model parameters are recommended:
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R, If Ry is known within a well-defined and relatively small interval, such that
R min < Rs < R max, the following selection is recommended

R, < R min, sign(w;) = sign(i,) (3.101a)
Ry > Romax, sign(w;) # sign(i,) (3.101b)

since this avoids flux collapse, as long as |0 < 90°. If no well-defined interval for
R, exists, we resign to the recommendation Ry = R cold-

L,: Make sure that L, > L,. This can be achieved by performing the usual blocked-
rotor test at a stator current that is below the nominal value, and possibly adding
some extra margin by hand for machines with closed rotor slots.

Ly Make sure that Ly, < Ly, so that the machine, via the relation iiff = @/Jref/EM, is
not running under-fluxed at low speeds. This can be achieved by performing the
usual no-load test at a stator voltage that is slightly above the nominal value.

Alternatively, the recommendation for L, can be formulated as: make sure that
YR = Yrnom at low speeds, or use preferably even a larger ¢p if possible. This
reduces the slip and, consequently, the region where sign(w;) # sign(w, ).

Rpg: Tt is recommended to overestimate the “cold” value for Ry by, say, 20 %, giving
Ry = 1.2Rp coia- This yields an accurate speed estimate, via the relation @, =
Wy — RRiq/zzR, even for some heating of the rotor.

3.6.3 Combined “Current Model” and SCVM

Based on the discussion in Section 3.4.2, sustained low-frequency operation using the
SCVM is only recommended if one of the following requirements is fulfilled:

e the stator resistance is confined within a relatively small interval;
e the load torque is almost zero for zero rotor speed.

If neither of these two requirements is fulfilled, the SCVM should be used for nominal
speeds only, and the speed-sensored CM should be used for low speeds. This combines
the low parameter sensitivity of the SCVM with the low-speed stability of the CM. The
following allows for a smooth transition between the SCVM and the CM [48]:

vy — Ryiy — Asign(wy)(vg — Ryig)
Ur + Ly [ig + Nsign(w: )iy

Wi = [1 - ftr(wl)]

Rpi (3.102)
+ fur(w1) (wr + qu)
wref
Pr _ | 7Ea, wil > way
at 7 3.103
dt { af(¢ref - ¢R), |W1| < WA1 ( )

where the filter gain oy is chosen at least a decade larger than the speed control loop
bandwidth, such that ¢z converges quickly to 1 for frequencies below wa. The func-
tion fi,(-) makes a linear transition from 0 and 1 between the frequencies wa; and waz
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Jor
A

: | > Wy
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Fig. 3.9. Graph of fi;(w1).

(recommended choices for these are 0.1 and 0.2 pu, respectively) [48]:

17 |(U1| < WA1
w — |W
fo(wr) = Milll, war < Wy < wag (3.104)
WAz — WAl
07 |(U1| Z WA2-

Fig 3.9 depicts fi,(-). With the above method, the CM is used for frequencies below
wa1, the SCVM (A = V2 and v = 1 can be used) for frequencies above was, and a
“compromise” of the two estimators is used in between.

3.7 Experimental Results

This section presents experimental evaluation of the SCVM. Only experiments at low
speeds are conducted, since speed-sensorless operation at nominal speeds is unproblem-
atic, as already shown in this chapter.

The experiments are carried out on the 22-kW test machine, which is described in
Appendix B. Temperature sensors (PT-100, for monitoring only) are used to ensure that
the machine is “cold” before each experiment, such that the “true” stator resistance
is accurately represented by R = 0.023 pu. In addition, the resistance of the feeding
power cable and cable interfaces is R = 0.006 pu. The cable resistance is added to R,
in the experiments, but not included in the following discussion nor in the presented
graphs.

The induction machine is loaded by a separately excited dc machine, which acts
as a constant load torque. The armature current of the dc machine is controlled by
way of a thyristor converter. In contrast to the simulations in this chapter, the load
torque that requires 7, = 0.6 pu is applied before ¢ = 0. This is made for reasons of
simplicity, and does not affect the results of the experiments. The model parameters
for the experiments are:

L,=1.1L,, Ly =09Ly, Rpr=09Rx

while the critical model parameter R, is explicitly stated for each experiment. The
SCVM is implemented as described in Section 3.6, and wy min = 0.05 pu. The command
stator voltage vector is used for flux estimation, meaning that the true stator voltage
is not measured.

Closed-loop current and speed control according to Chapter 6 is implemented.
The bandwidths of the current control loop and the speed control loop are 2.5 pu and
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0.02 pu, respectively, which correspond to approximate rise times of 2.8 ms and 0.35
s. The filter bandwidth of the speed estimator in (2.52) is ay = 0.2 pu. The rotor flux
reference is set to Y. =0.9 pu, and the maximum allowed stator current modulus is 1
pu.

The PWM inverter is based on a Skippack 342GD120-314CTV, and the dc-link
voltage is 400 V. The control computer is an IEA-MIMO [24], which uses a Texas
TMS320C30 floating-point processor, and 4.9 kHz sampling and switching frequency
is used for the experiments. Fluctuations in the dec-link voltage, as well as the blank-
ing time and on-state voltage drop of the semiconductor valves, are compensated as
described in [88]. RMS-value scaling is used between the three-phase system and the
stator-oriented reference frame. A resolver is used for speed and position measurement
(for monitoring only).

3.7.1 Very Accurately Modeled Stator Resistance

The purpose of this experiment is to investigate the ideal case of a very accurately
modeled stator resistance. The speed reference is stepped through the sequence

t(s)~ 0 2 4 6
Wt (pu)  —02 02 0  —0.2

and then slowly positively ramped at ¢t = 8 s, starting from w,s = —0.2 pu. The
machine is throughout the entire experiment loaded by a constant load torque that
requires 7, = 0.6, and the stator resistance estimate is R, =R,.

Fig. 3.10 shows the results of the experiment. The performance is generally good,
but some “bumps” can be seen in ¥y and iq for zero-speed operation and for zero-speed
crossing. These “bumps” can be due to one, or several, of the following three reasons.
Firstly, there is a small poorly damped region about w; = 0, as seen from the pole loci
in Fig. 3.2. Secondly, stable low-speed operation with R, = R, cannot be guaranteed
for this machine, since L), = 2.8 pu is larger than the condition for stability in (3.71).
Thirdly, it is unlikely that the stator resistance is perfectly modeled.
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_04 T T T T T 1

t(s)

Fig. 3.10. Successful operation for the ideal case Ry = R,: experiment.

3.7.2 Flux Collapse

The purpose of this experiment is to verify the instability phenomenon flux collapse,
for the SCVM in particular. The speed reference is stepped through the same sequence
as above described, and an identical load torque is present, but the stator resistance
estimate is now R, = 0.7R,.

Fig. 3.11 shows the results of the experiment. Good agreement to the correspond-
ing simulation in Fig. 3.4 can be observed, albeit the speed step from —0.2 pu to 0.2 pu
is more troublesome in the experiment. At ¢ = 9.5 s, flux collapse occurs for the slow
speed ramping against the load torque, and the experiment is interrupted on purpose
at t =10.5 s.

3.7.3 Frequency Lockup

The purpose of this experiment is to verify the instability phenomenon frequency lockup,
for the SCVM in particular. The speed setpoint is varied in the same manner as de-
scribed in the first experiment, and the same load torque is present, but the stator
resistance estimate is now Ry = 1.4R,.

Fig. 3.12 shows the results of the experiment. Good agreement to the correspond-
ing simulation in Fig. 3.5 can be observed, even though a more oscillatory behavior can
be spotted in the experiment for the zero-speed operation, indicating stability problems.
The slow positive speed ramp against the load torque is once again critical for stability,
and frequency lockup occurs at t = 10 s.
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t(s)
Fig. 3.11. Flux collapse with R, = 0.7R,: experiment.

_04 T T T T T 1
0 2 4 6 8 10 12

t(s)
Fig. 3.12. Frequency lockup with R, = 1.4R,: experiment.
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3.7.4 Very Slow Speed Ramping

The purpose of this experiment is to investigate the performance of the SCVM for an
even slower speed ramping and larger load torque than in the previous experiments.
The speed setpoint is slowly ramped from 0.2 to —0.2 pu in ten seconds, and then slowly
ramped from —0.2 to 0.2 pu. The load torque is meanwhile constant, corresponding to
tg = 0.8 pu. In contrast to the previous experiments, R, is selected as described in
Section 3.6.2 in order to avoid flux collapse. The underestimated and the overestimated
values are R, = 0.7R, and R, = 1.4R,, respectively.

Fig. 3.13 shows the results of the experiment. The negative speed ramp is stable,
while frequency lockup results at t = 16 s for the positive speed ramp against the load
torque. It can be seen from Fig. 3.13(c) that A is close to zero for frequency lockup,
so the SCVM provides almost no feedback to the closed-loop dynamics. If A were not
lowered, however, then the resulting dynamics from the SCVM would be fairly unstable
at low frequencies even when R, = R, as shown in Section 3.2.5.

3.7.5 Destabilization of Frequency Lockup through A

The purpose of this experiment is to verify that frequency lockup, once it has occurred,
can be destabilized through the gain parameter A. The speed setpoint is varied in the
same manner as above described for the experiment on very slow speed ramping.

Fig. 3.14 shows the results of the experiment. It can be seen that the speed is now
successfully reversed for the positive speed ramping, although tendencies to frequency
lockup can be spotted in ¥z and tq. These tendencies are suppressed by A increasing,
so frequency lockup does not fully develop.
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Fig. 3.13. Very slow speed ramping with alternating R,: experiment.
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Fig. 3.14. Very slow speed ramping with alternating Ry and destabilization through A:

experiment.
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Chapter 4

PWM Rectifier Models and Vector
Control

The objective of this chapter is to derive and describe models for a PWM rectifier,
see Appendix C for a list of glossary terms. Moreover, the concepts of grid flux and
grid-flux estimation are described, and some grid voltage disturbances that may occur
are discussed.

4.1 PWM Rectifier Models

An ideal lossless representation of the back-to-back converter, depicted in Fig. 4.1 is
assumed. Since a single PWM converter has an efficiency of 94-98 % [14], the lossless
approximation is reasonable for our modeling purposes. It is also assumed that the
PWM rectifier is connected to a stiff utility grid, such that a grid filter constitutes the
grid current dynamics.

Motor references are used for both the utility grid and the ac machine. The positive
reference directions for the grid power, P, and the machine power, P, are therefore as
indicated in Fig. 4.1. Observe that the true directions for P, and P, may change at any
instant, due to the four-quadrant capability of the back-to-back converter.

PWM . PWM
«“ ifier” DC link @ 99
Utility Inductor rectifier” inverter A )
grid filter l { C machine
—o)/ —
° —

Fig. 4.1. Back-to-back converter model.
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4.1.1 Introducing Grid Flux

References [36, 84, 85] all proposed the same idea, namely to introduce a virtual grid
fluz, Y , in order to fully acknowledge the similarities between vector control of PWM
rectifiers and field orientation of ac machines. The grid flux vector is defined by the
following static quantity:

E ,
P 2 =L = g el (4.1)
where

E; grid voltage;
Wy angular grid frequencys;
g, 0, grid flux modulus and grid flux angle.

The grid frequency is normally almost constant. According to Swedish standard, for
instance, the grid frequency remains within 50 4+ 0.1 Hz, except for a few hours every
year [108]. Consequently, the grid flux is directly related to the grid voltage. Field
orientation for a PWM rectifier can therefore be expressed either in terms of grid voltage
or grid flux—the latter alternative is preferred in this thesis.

4.1.2 Synchronous and Stator-Oriented Reference Frames

Similar to the induction machine, space vectors given in the stator-oriented reference

[P

frame are denoted with superscript “s,” e.g., ¢y, = 1,ei%  while space vectors given
in the synchronous reference frame are denoted without superscript, e.g., ¥y, = wgejg.
Of course, the synchronous coordinates for a PWM rectifier and an induction machine
are two totally different reference systems; the synchronous reference frame is for a
PWM rectifier defined by the estimated grid fluz, i.e., ﬂ)f] = ﬁgejel. Fig. 4.2 shows the
synchronous and the stator-oriented reference systems for a PWM rectifier.

4.1.3 Dynamic Inductor Filter Model

A filter is required to reduce the ripple of the grid current, and thereby comply with
standards such as [65]. A variety of filters are available, for instance inductor filters,
LCL filters [55, 82|, and filters that are tuned for resonance at multiples of the switch-
ing frequency [110]. Only inductor filters are henceforth considered, we refer to the
mentioned references for details on the other filter topologies.

a (fixed)

Fig. 4.2. The synchronous (dq) and the stator-oriented (o) reference frames.
(a) Estimated grid flux and grid voltage. (b) True grid flux and grid voltage.
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R, (p+jw)L, i

i g
———— AN — 000 —«o
P +
<
E, Ct) Vg
Q'
- s
PCC

Fig. 4.3. Dynamic model of the inductor filter. The point of common connection (PCC) is
indicated.

Fig. 4.3 shows the dynamic equivalent circuit of an inductor filter in the syn-
chronous reference frame, which can be written as

di . .
Lgd_tg =v,— (Ry + jwiLy)i, — E, (4.2)
where
\Z terminal voltage of the PWM rectifier;
E, grid voltage;
iy grid current;

Ly, R, inductance and resistance of the inductor filter.

The equivalent circuit in the stator-oriented reference frame is obtained by putting
w; = 01in (4.2), and adding superscripts “s” to iy, E,, v,.

In the following, the grid current dynamics in (4.2) will normally be neglected,
which is done for similar reasons as described in Section 2.2. By putting di/dt = 0,
solving for v,, and splitting the real and the imaginary parts of v,, the components of

the terminal voltage are then found to be
Vg = Rg’id - wngz’q + Ed (43)
vy = Rytg +wiLyiq + E. (4.4)

The grid current dynamics are only considered in Chapter 6, where current control is
studied.

4.1.4 Grid Voltage Disturbances

Various disturbances are present in the grid voltage, so E2(t), for instance, is therefore
not a perfect sinusoid. The grid voltage disturbances are often due to voltage harmonics
or voltage dips [37], and these disturbances are here discussed and modeled. Note that
there are also other types of types of disturbances, such as swells and unbalances [37],
but these will essentially be covered by our resulting grid voltage model.

Voltage Harmonics

The grid voltage harmonics may contain all odd multiples of the fundamental fre-
quency, i.e., [5wy, Twy, 11w, ... ], including triplen harmonics, i.e., [3w,, 9wy, 15wy, ... ].
The triplens are not critical for a PWM rectifier, as they are zero sequences [37] and,
hence, disappear from the phase currents due to the absence of a neutral conductor.
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Voltage Dips

A voltage dip is a decrease in the grid voltage magnitude from 1 pu to 0.1-0.9 pu,
having a duration of between 0.5 cycles up to one minute [37].

Symmetrical voltage dips are due to three-phase faults, and result in a simultane-
ous reduction of the voltage modulus in all three phases. Large symmetrical voltage dips
are highly critical for a PWM rectifier. In order to maintain a certain active power, the
reduced voltage modulus must be compensated by a larger current modulus. This is,
however, only possible as long as the grid current modulus remains below the maximum
value allowed.

Non-symmetrical voltage dips are due to single-phase and two-phase faults. Gen-
erally, the grid voltage during a non-symmetrical voltage dip can be described by a
positive sequence, a negative sequence and a zero sequence [37]. The positive and nega-
tive sequences both have the same frequency, equal to the fundamental grid frequency,
but their space-vector correspondences rotate in the counter-clockwise and clockwise
directions, respectively.

A voltage dip is often associated with a so-called “phase-angle jump,” which is a
sudden change in the grid voltage angle. The “phase-angle jump” is essentially due to
that the grid impedance changes during the fault [37].

Model of Grid Voltage Disturbances
The grid voltage disturbances are modeled as
Ef] — jEii-eng +jE1—€—j(99+¢1) +jE5€_j(59g+¢5) +jE7€j(799+¢7) (45)

where

Ef, E; magnitudes of the positive and negative sequence voltages;
FEs5, E;  magnitudes of the fifth- and the seventh-order voltage harmonics.

The magnitude of the negative-sequence voltage may be as large as the magnitude of
the positive-sequence voltage for a non-symmetrical fault, but is normally small for
normal operation [37].

It is for modeling purposes useful to transform the grid voltage to the synchronous
reference frame. By substituting Ej = E, e’ in (4.5), the grid voltage vector then

transforms to
Eg — jEf’ejg + jE;efj@@g*éJr(f)l) + jEse*j(6eg*§+¢5) + jE7€j(699+9~+¢7)
) (4.6)

where § = ,—0: is the error angle, and Egﬁ is the “total” grid voltage disturbance. The
frequency of the negative sequence, formed by E| ", appears as 2w, in the synchronous
reference frame, while the fifth- and seventh-order harmonics appear as —6w, and 6w,,
respectively.

For the special case of the grid voltage being a pure sinusoid, (4.6) reduces to

E, = B,/ = jwg,e”. (4.7)

Eq. (4.7) will, henceforth, be considered for stability analyses, while (4.6) will be used
for designating the disturbance reduction of different flux estimators.
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4.1.5 Active and Reactive Power

The instantaneous active power and the instantaneous reactive power [4] at the point
of common connection, see Fig. 4.3, are
Py = 3Re{Eyi;} = 3E,(i, cos 0 — iysin0) (4.8)
Qg = 3Im{Eyi’} = 3E,(igsinf + iz cos f). (4.9)
respectively. Due to the small losses of the inductor filter, P, more or less equals the

active power at the terminal of a PWM rectifier.
For accurate field orientation, (4.8)—(4.9) simplify to

P, =3Eyiy, Q,=3E,iq4 (4.10)

so the active power and the reactive power can now be controlled independently via 7,
and 174, respectively. Often 7y, = 0 is selected, which provides unity power factor at the
point of common connection and the minimal modulus for i,.

4.1.6 DC-Link Model

The dc-link is modeled as a pure capacitor. The dynamic equivalent circuit of the dec-link
is shown in Fig. 4.4, where

C de-link capacitance;
V4e, 1o de-link voltage, capacitor current;
P, load power that results from the ac machine, P; = 3 Re{vi’}.

The electrolytic capacitor bank at the dc-link is an energy storage, where the stored
electrical energy is C'v3./2. The time derivative of the stored energy must equal the sum
of the instantaneous grid power and P;. For accurate field orientation, the dc voltage
dynamics can thus be written as
1 d(vg.)

50 dt

=—-P,— P, = -3E,i, — P (4.11)
which is nonlinear with respect to vg.. The time derivative of v3, in the above differential
equation can be evaluated as

d
Cvdc% —-P,— P, (4.12)

which yields an alternative expression for the dc voltage dynamics. The equivalent
circuit in Fig. 4.4 is based on this alternative expression.

v i e
1.

Fig. 4.4. Dynamic equivalent circuit of the dc link.
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4.2 Grid-Flux Estimation

Grid-flux estimation for a PWM rectifier has many similarities to inherently sensorless
flux estimation for an induction machine, since the grid voltage can be considered as
the correspondence to the flux EMF. In contrast to an induction machine, however,
the grid flux is hardly affected by a single PWM rectifier. The problem of grid-flux
estimation is therefore a matter of synchronizing the vector control system to the grid
flux vector (or grid voltage vector). This means that there is no correspondence to
the CM for grid-flux estimation, and that the grid flux angle is initially unknown at
startup of a PWM rectifier. The former issue is unavoidable, but the latter one can
be circumvented by either measuring the grid voltage or, if the grid voltage is not
measured, by implementing a special startup procedure [11].

The classical grid flux “estimator” is derived by measuring the grid voltage, giving
the following “estimated” grid flux [72, 73]:

B _ BB

Jwi w1

¥ (4.13)

This can be considered as a DFO-type estimator, so the transformation factors e/ and
e~7% are then readily available from

o _ Vs By —JE; (4.14)
Yoo (B + (Bs)
oy _ (03) By +jE;

e

= - —. (4.15)
Yoo (B3 + ()

Unfortunately, disturbances in E, are for this method directly transmitted to e/ and
e~%  and will therefore be reproduced in the grid current [36]. To circumvent this
problem, a phase-locked-loop (PLL) type estimator is often applied for grid-flux esti-
mation [11, 28, 36]. The PLL-type estimator improves the rejection of the grid voltage
disturbances, as will be shown in the next chapter. Ideally, the grid voltage disturbances
should be fully rejected, such that the synchronous reference frame is aligned with the
fundamental grid flux only. This is here defined as perfect field orientation for a PWM
rectifier, and corresponds to § = 0 in (4.6).

The flux “estimator” in (4.14)-(4.15) is static, since the field orientation is re-
trieved instantaneously. For a dynamic flux estimator, such as a PLL-type estimator,
field orientation is not retrieved instantaneously. This is unavoidable, since a dynamic
estimator should have a fairly low bandwidth in order to reduce grid voltage harmon-
ics [28]. The dynamics of a grid flux estimator are not coupled to the “true” static
grid flux though, so the resulting dynamics are not as complex as for flux estimation
of an induction machine. It is nonetheless important to properly assess the dynamics,
for at least the following two reasons. Firstly, an estimator that rejects grid voltage
harmonics poorly, or a poorly damped flux estimator, introduces harmonics in ij via
the Park transformation. Secondly, active and reactive power can only be controlled
independently for accurate field orientation, as discussed in Section 4.1.5.
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4.2.1 Voltage-Sensorless Flux Estimation

As described in [85], and similar proposals have also appeared in [11, 84, 91], it is
not necessary to achieve grid-flux orientation by measuring the grid voltage. We shall
refer to this as voltage-sensorless flur estimation, and discuss the fundamentals of such
estimation in the following.
By solving (4.2) for E,, assuming di,/dt = 0, the true grid voltage vector is found
to be
E, =v, — (R, + jwiLy)i,. (4.16)

This vector is, however, unknown for a voltage-sensorless flux estimator, which must
rely on the estimated grid voltage. The estimated grid voltage is derived by substituting
the true parameters in the above expression with their model correspondences:

Eg = Vyief — Rgig — jwlf/gig. (4.17)

Observe that the estimate does not use the true measured terminal voltage, since not
much would have been gained by eliminating the grid voltage sensors otherwise. The
estimated grid voltage must instead rely on the command terminal voltage, vy, which
results from the current control loop.

By subtracting (4.16) from (4.17), assuming v,ef = Vv,, and solving for Eg, the
parameter sensitivity of voltage-sensorless flux estimation is revealed:
E, = (R, + jwiLy)i, + E, (4.18)
where
R,=R,- R, L,=L,-1L, (4.19)

are the errors in the model parameters. As seen, Eg = E, for accurate model parame-
ters. Moreover, a good agreement can be expected for inaccurate model parameters as
well, since the resistive and inductive parts of the above equation are normally small
compared to E,. This means that similar performance can be expected for sensored and
voltage-sensorless operation with respect to field orientation, as previously noticed in
[11, 84, 85, 91]. Fig. 4.5 shows a voltage-sensored vector control system for a PWM
rectifier, while Fig. 4.6 depicts a voltage-sensorless system.

As for inherently sensorless flux estimation, information regarding the grid flux
angle (or grid voltage angle) is mainly seen in Ej;. Substituting (4.7) in (4.18), assuming
accurate model parameters, and splitting the real and the imaginary parts, gives

Ei=E;=—wy,sinf, E,=E,=uw.),cosl (4.20)
which for small 8, such that sin@ ~ 8 and cos@ ~ 1, can be approximated by
Ey=Eyj=~ —wap,0, E,=E;~wb,. (4.21)

Since the grid frequency for normal operation is constant at w, = 1 pu, a deviation
from accurate field orientation, meaning 8 = 0, is hence always seen directly in E.
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Fig. 4.5. Vector control system for the PWM rectifier that uses the measured grid voltage
for field orientation, consisting of a “flux estimator,” a dc voltage controller that yields the
setpoint for the g-axis current, and a current controller.
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Fig. 4.6. Vector control system for the PWM rectifier that uses an IFO voltage-sensorless
flux estimator.

4.2.2 VM for Grid-Flux Estimation

In addition to the PLL-type estimator, also the traditional VM has been proposed for
dynamic grid-flux estimation [85]:

]

L = E;, (4.22)

Observe that the VM is here expressed in terms of the measured grid voltage, but a
grid voltage estimate may just as well be used for input. The dynamics of the VM are
derived by substituting QZZ = 1,67 and ES = jwipgel® in (4.22):

(g + 301g) € = jugioge™

. o (4.23)
= ¢g = ng%e]g - j91¢g-

By splitting the real and imaginary parts of this equation, substituting ¢, = 0, — 0,
and solving the imaginary part for df/dt, the resulting nonlinear dynamics of the VM
become

% = —w,thy sin (4.24)
0 =0, — 0, = w, (1—@0055) . (4.25)
dt D,
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For @Zg ~ g, the quotient in the above equation can be approximated by

Yo _ Yo 1 %
vy Yyt Yy
By substituting this in (4.25), and assuming small § in (4.24)(4.25), such that cos § ~ 1
and sin @ ~ @, the following state-space system results for the VM:

d [ by 0 —Wgthy by

— || = 2. 4.27

AP @2
It can be directly seen that the poles resulting from the VM are located at +jw,, so
the dynamics are quite oscillatory. This is a similar conclusion that was drawn for the
induction machine in Section 2.6. The damping of the VM can be slightly improved by
using various lowpass-filtered variants [22, 36], but a better solution was described in

Section 3.1: the SCVM. The analysis of the SCVM for grid-flux estimation is partly the
content of the following chapter.

(4.26)
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Chapter 5

Analysis and Development of Grid
Flux Estimators

Three grid-flux estimators are analyzed in this chapter, both dynamically and for the
steady-state operation. These estimators are the commonly used PLL-type estimator,
the SCVM, and a simplified variant of the SCVM, which is developed in this chapter.
The PLL-type estimator has previously been proposed for grid-flux estimation in [11,
28], albeit our design is closest in spirit with that in [52] for speed-sensorless vector
control of ac machines.

The SCVM is found to be applicable not only for flux estimation of synchronous
and induction motors [50], but also for vector control of a PWM rectifier. The position
for the SCVM as a universal flux estimator [50] is strengthened.

The static nature of the grid flux implies that it is unnecessary to use a dynamic
estimate for this quantity. A simplified variant of the SCVM is designed for this purpose,
which will be referred to as the MCVM.

The steady-state performances of the PLL-type estimator and the MCVM are
studied. Provided that both estimators are designed for similar dynamic response times,
the analysis shows that the MCVM is more robust against disturbances coming from
grid voltage harmonics.

5.1 SCVM

The SCVM is adapted for grid-flux estimation by repeating the expression for (3.8) and
putting sign(w;) = 1 in (3.9), since the grid frequency is constant and greater than zero:

i, _
-9 _ ~F 1
o = 1Ed (5.1)
B, - )\E,

Wy = ——=——
Wy

(5.2)

Of course, E; and E, now refer to the estimated (or measured) grid voltage, and not
to the estimated flux EMF of an ac machine.
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5.1.1 Stability Analysis

The system model for the SCVM results from (5.1) and the dynamics of the error angle:

Z—f:wg—wlzwg—a’#jﬂ. (5.3)
After substituting (4.20) in these equations, the system model becomes:
dd—% = vEg = —ywytb,sin g (5.4)
Z_’i’q:wy—w:wg 1—%(6085—1-)\81115) . (5.5)
9 9

By putting di,/dt = df/dt = 0, and solving for 1, and 8, the following equilibrium
points are obtained

b1 =Yg, 7t = 2nr, n=0,+1,+2, ... (5.6)

Uy = Uy, 05 = nr, n=+1,43 45, ... (5.7)

These points are henceforth labeled EP1 and EP2, respectively. In addition to the above
convergence points, § = 159 = 0 is a form of saddle point, even though & is undefined
for 1, = 0, which yields a singularity in (5.5).

Once the SCVM has reached steady-state operation, then the periodicity for EP1
and EP2 is irrelevant: the system cannot separate # = 0 from # = 2n, for instance. All
convergence points related to EP1 and EP2, respectively, are thus equal for practical
purposes.

EP1 corresponds to accurate field orientation, and is therefore the desirable equi-
librium point. The linearization of (5.4)-(5.5) about EP1 follows the same procedure
as in Section 4.2.2, i.e., small § and &g ~ 1), are assumed, such that sinf ~ 0, cosf ~ 1
and v,/ @Zg ~1-— @Eg /1,. By also introducing the scaled flux-modulus estimation error

£ = Wg?zg/@bg (5.8)

in order to make a better comparison to the PLL-type estimator in the next section,
the linearized dynamics about EP1 become

d & _ |0 =g |]|¢ (5.9)
dt | § 1 —dw, || 0] '
~_——
Ascvm
The characteristic polynomial of Agayvy 1S

det(pl — Ascvm) = p° + dwgp + Yw;. (5.10)

The SCVM is thus asymptotically stable about EP1, given that A and ~ are both greater
than zero.
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-3 -2 -1 0 1 2 3

vg (p.u.)
Fig. 5.1. Phase portrait for the SCVM, with E,;=1 pu, wy=1 pu, and p=0.4; QZQ and 0
converge to either EP1 or EP2, depending on the initial value for 159. The dashed lines are
the separatrices of the singularity ijg = 0.

The roots of (5.10) (poles of the linearized system) can be arbitrary placed. It is
recommended to place both poles on the negative real axis, since grid voltage distur-
bances may introduce oscillations in #; for a poorly damped estimator. A double pole
at p1o = —p implies that det(pl — Ascvm) = (p + p)?, and solving this equation for A
and ~ provides the following gain parameters

2
A= 22 (5.11)
wg (.Ug

Fig. 5.1 shows a phase portrait of the nonlinear dynamics in (5.4)—(5.5). Both equi-
librium points are sinks (stable), so operation about EP1 does not necessarily result.
Fortunately, convergence to EP1 can be ensured by restricting @Eg to a confined in-
terval [Ymin, Ymax], Where the lower and the upper boundaries satisfy the condition
0 < Ymin < Ey/wy < Ymax. As seen in Fig. 5.1, both the undefined @Eg = (0 and EP2 are
avoided when using such an interval for QZg.

5.2 PLL-Type Estimator

The PLL-type estimator that will be studied in this section is given by [50]

Wy = Yie (5.12)
91 =wp + Y& (513)

where v, and -, are gain parameters and ¢ is the error signal. Similar to [28, 50], the
error signal ¢ = —FE}; is here selected.

5.2.1 Stability Analysis

According to (4.20), the resulting error signal becomes
e=—FE;=FE,sinf. (5.14)
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The dynamics of the PLL-type estimator are derived by substituting this resulting error
signal in (5.12)-(5.13). Via the introduction of the error variables

D=w,—w, 0=0,-0, (5.15)
the system model for the PLL-type estimator becomes
di ~
d—i =y — i = —71E,sind (5.16)
df - .
pri Wy — (w1 — 72By) =@ — 7By sinf (5.17)

under the reasonable assumption that the grid frequency is constant, meaning that
W, = 0 is assumed. By putting d&/dt = df/dt = 0, and solving for & and #, the
equilibrium points of (5.16)—(5.17) are found to be

o =0, 0f = 2nm, n=0,+1,42,... (5.18)
&5 =0, 05 = n, n==41,43,£5,... (5.19)

These are henceforth labeled EQ1 and EQ2, respectively. Similar to the SCVM, all
convergence points related to EQ1 and EQ2 are equal for practical purposes. It can be
shown that EQ1 is asymptotically stable, while EQ2 is a saddle point [52].

The PLL is said to be phase locked when 6, ~ 0, which corresponds to operation
about EQ1. Since  is small for phase-locked operation, sinf ~ @ is reasonable to
assume. By substituting this in (5.16)—(5.17), the following linearized system model
about EQ1 results:

d | & 0 —mkE, w
— | < | = ~ . 2
dt { 0 ] { 1 —k, 0 (5.20)
—_——
Apry
The characteristic polynomial of Apry, is
det(p[ — APLL) = p2 + ’)/QEgp + ’VIEg- (521)

It is recommended to place the poles of the PLL-type estimator on the negative real axis,
in order to ensure good damping. A double pole at p; 5 = —p implies that det(pl —A) =
(p+ p)?, and solving this equation for v, and 7, yields the following gain parameters:
2

m=2, =2 B =.F1E (5.22)
Ly g

Note that the gain parameters are selected inversely proportional to the estimated
grid voltage modulus E’g. Consistent dynamics are thereby ensured for the PLL-type
estimator, even when E|, is smaller than the nominal grid voltage. This variant of “gain
scheduling” is not required for the SCVM, though, since the estimated flux modulus of
the SCVM takes £, into consideration by default.

Fig. 5.2 shows a typical phase portrait for the PLL-type estimator. As seen, EQ1
is stable (sink), while EQ2 is a saddle point. Interestingly, the phase portrait for the
PLL-type estimator is completely different compared to the SCVM in Fig. 5.1, but
their linearized dynamics in (5.20) and (5.9), respectively, are essentially identical. This
indicates similar dynamics for the PLL-type estimator and the SCVM in the vicinity

of EQ1 and EP1, respectively, but different responses to large disturbances.
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-3 -2 -1 0 1 2 3

o (p.u)
Fig. 5.2. Phase portrait for the PLL-type estimator, with E;=1 pu, wy=1 pu, and p=0.4.
The dashed lines represent the separatrices of the saddle point (EQ2).

5.2.2 Rejection of Voltage Harmonics

The distorted grid voltage model in (4.6) is now considered in order to study how the
PLL-type estimator rejects grid voltage harmonics. The real part and imaginary parts
of this equation are

E;=—FEfsinf+ E7°, E,=Ey cosf+ ES. (5.23)

Thus, we had E;° = 0 and E, = E in (5.14)(5.17). Of special interest is how
harmonics present in E§’6 affect the error angle f. Ideally, the PLL-type estimator
should synchronize to the fundamental grid flux only, resulting in 8 = 0. By repeating
the above calculations with consideration taken to the grid voltage disturbances, the
linearized state-space system about EQ1 then becomes

d|o 10 —71Efr w ! 2,6
dtM—L S A N b (5.24)
~ ~~ - ~~——
A B

which is fairly similar to (5.20). With C' = [0, 1], the transfer function from E>° to f is

~ - 2P + M 2,6
0=C(pl — A 'BE>® = E%°. 5.25
( VB = e B p s (5:25)
On condition that the grid voltage harmonics are small compared to the fundamental
voltage, then Eg ~ FE can be assumed. Under this assumption, and by substituting v,
and v, with the selections in (5.22), the above transfer function reduces to

- p2p+p) B7° Ey°
0 = ————— = Hprr(p)——. (5.26)
(p+p)? Ef 2
The static gain for Hprr,(p) at nw, becomes
, 4(nwy)? + p?
| v (jnw,)] = ng) 40 (5.27)

(nwy)? + p?
As seen from (5.27), and not surprisingly, a low bandwidth should be selected for good

rejection of grid voltage harmonics. This analytical observation agrees well with the
experimental finding in [28].
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5.3 Modified Compensated Voltage Model

The SCVM uses a dynamic flux-modulus estimate, which appears to be strange when
considering the static nature of the virtual grid flux in (4.1); why should the estimator
be different compared to the underlying system? Due to this observation, the following
considers the estimator that results when a static flux estimate in (5.2), while (5.1)
is, hence, dropped. The obvious static flux estimate results directly from the grid flux
definition in (4.1):

By =22 (5.28)

Wy
where @, is a “model parameter” for the grid frequency; we shall henceforth assume
wy = @, = 1 pu. Substituting the above static estimate in (5.2) gives the following

estimator
oy = ColBa— AR o (ﬂ - A@) . (5.29)
E, E, Ey

The above quotient E’q / Eg can be approximated by 1, since the error angle is mainly
seen in Ej;, and Eq = Eg = L, for accurate field orientation. This gives the final
representation of this flux estimator as

E
wy = &, (1 — )\fd) (5.30)

g

which will be referred to as the modified compensated voltage model (MCVM).

5.3.1 Stability Analysis
The dynamics of the MCVM are given by the error angle as

df

E E -
o T Ws T w1 = wy - Wy <1 — )\E—d) = Ay —2 = —Aw, sin 6. (5.31)

I
g Eg

given that the model parameters are accurate and w, = &,. By putting df /dt =0, and
solving for 8, the following equilibrium points result

7 { 2nm, n=0,£1,4£2, ... (5.32)

nm, n==1,4+3,45,...

From direct inspection of (5.31), it can be seen that the MCVM is asymptotically stable
about = 2n7, n being an integer. To verify this strictly, though, the stability of the
MCVM is below analyzed by means of the direct method of Lyapunov [103].

Consider the Lyapunov function candidate

V(0) =1 — cos@. (5.33)
The function candidate satisfies V' (9) > 0 for  # 2nr, and
V = fsind = —Aw,y sin? < 0 (5.34)
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is negative semi-definite for A > 0. Therefore, V' (6) is indeed a Lyapunov function.
Locally, V' is negative definite (V' < 0) in the region

2n—)r<f<@n+Dm, n=0+1,42 ... (5.35)

so § = 2nm is asymptotically stable. The convergence point # = nm, n being an odd
integer, is a saddle point.
For small variations about # = 2nr, then sinf ~ @ can be assumed. Substituting
this in (5.31) provides the linearized dynamics of the MCVM as
df ~
== —Awg0. (5.36)

The pole of the linearized system can be placed at —p, via the selection of
A= p/@,. (5.37)

Observe that the MCVM is less suitable for so-called island operation [19], where the
grid frequency may temporarily deviate from the nominal value. For the less common
case w, # Wy, corresponding to island operation, then (5.31) becomes

df .
priak i g — Ay sin 6. (5.38)

Putting df/dt = 0, and solving for @, provides the following error angle

0 = arcsin <w—f]) (5.39)
Aldg

where &, = wy—©, is the frequency error. The values W, = —0.1 pu, A = 0.6 pu and &, =

1 pu are considered for a numerical example, which result in § = arcsin(—0.1/0.6) =

—0.17 rad = —10°. This is not particularly a large error angle, but it may still be

preferred to use the PLL-type estimator or the SCVM for island operation, since these

estimators are insensitive to w, in the steady-state operation.

5.3.2 Rejection of Voltage Harmonics

A fair approximation is that the estimated grid voltage is dominated by the fundamental
grid voltage, Eg ~ E;, since the grid voltage harmonics are normally much smaller
compared to the fundamental grid voltage. Under this assumption, and by substituting
E, and E, with the distorted grid voltage in (5.23), the system model for the MCVM
becomes

g O —Esinf + E§’6.
dt 7 Ef
The grid voltage harmonics are mostly troublesome in the steady-state operation, i.e.,

when § a 0. For small #, such that sin@ =~ f, and by substituting A\ = p/w,, (5.40)
reduces to

(5.40)

g —Ef0+E° ~ p E° E°
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The static gain for Hyevm(p) at nw, is found to be

~ P
| Hvovm (Jnwg)| = W (5.42)

which can be compared to the static gain for the PLL-type estimator in (5.27):

py/A(nwy)? + p?
(nwg)? + p?

| Hprp (jnwg)| = (5.43)

A small bandwidth is required for good rejection of the voltage harmonics. Under the
assumption that nw, > p, the above static gains become

, ‘ 2
[ Hyievm(inws)| = 2o | Hpw (inw,)| ~ L (5.44)

g nWgy

As seen, the static gain for the MCVM is only half of the gain for the PLL-type estima-

tor, provided that both estimators have the same bandwidth about # ~ 0. The MCVM

should therefore provide less amplification, and better rejection of voltage harmonics,

compared to the PLL-type estimator.

For a specific gain |Hycvum|, the corresponding required bandwidth p results from
(5.42) as

nwg| Hyovu (Jnwg) |

p= : :
V1= [Hyeva(jnw)?
At least |Hycvm (j6w,)| = 0.1 is required for good rejection of the fifth- and the seventh-

order harmonics. Therefore, as a rule of thumb, no more than p =6-1-0.1/v/1 —0.12 =
0.6 pu should be selected for the MCVM.

(5.45)

5.3.3 Modified PLL-Type Estimator

In addition to the SCVM, the PLL-type estimator in (5.12)-(5.13) can also be modified
for grid-flux estimation. The modified PLL-type estimator is derived by dropping (5.12)
and using only the flux angle estimator of the PLL:

0, =w =0y +me, e=—Ey (5.46)

By letting the gain parameter equal 7, = A&,/ Eg, the modified PLL-type estimator
then becomes

, E

0y = w =, (1 - /\§d> . (5.47)

g

This is the exactly the same expression that was obtained for the MCVM in (5.30).
Hence, although derived quite differently, the MCVM and the modified PLL-type esti-
mator are equivalent.
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5.3.4 Implementation Issues
The implementation of the MCVM is straightforward for voltage-sensored operation:
_ L _ 2 2
wp =g (11— AE , Ey=\/Ej+ E7. (5.48)
g

where A should be selected smaller than 0.6 pu. The synchronous frequency must be
integrated in order to obtain the transformation angle 6;:

91 = /wldt (549)

which can be easily discretized by the forward difference approximation [10]. The trans-
formation factors e/t and e 7%, required in the Park transformation, are then obtained
from:

e = cosby + jsinby, e = cosf;, — jsinb. (5.50)

An algebraic loop is created for voltage-sensorless operation, however, since both £,
and Eq are functions of wy. This loop is, on the other hand, easily circumvented via the
following remedy:

Ey=v'— Ryig + 0,14, (5.51)
E, =0 — Ryig — B4Lgiq (5.52)
Ey=\/E3 + E? (5.53)

w1 = Wy (1 — )\&) . (5.54)
£,
As seen, the inductive voltage drop is expressed in terms of &, instead of wy, so the
algebraic loop is avoided. This approximation is correct in the steady-operation, and
fairly correct also for the transient operation, since w; and w, approximately equal.
There are several possibilities for simplifying the implementation of the MCVM.
The resistive voltage drop in the estimated grid voltage can mostly be neglected, since
the filter resistance is small for the purpose of small resistive loss. In addition, the grid
voltage modulus can be approximated by Eg = F, = Eyom, where Eyp, is the nominal
grid voltage modulus. This makes the computation of the square roots for Eg and £,
superfluous but, on the other hand, the dynamics for the MCVM will no longer be
consistent, so the settling time for 0 slacken when E, < Eyom-

5.4 Simulations

This section presents simulation results of the studied flux estimators. The simulations
are essentially focused on the responses to various grid voltage disturbances. The sim-
ulation parameters are: L, = 0.07 pu, Eg = 1.1L4, R, = 0.007 pu, E’g = 0.7R, pu,
C =5pu, E; =1 pu, wy, =1 pu and the bandwidth of the dc voltage control loop is
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0.8 pu. The dc voltage setpoint is 2 pu, see Appendix A for further details on the per-
unit system. The current dynamics are neglected, meaning that i, = i;ef. A dc voltage
controller, which is described Chapter 6, provides the setpoint for 7,, while the d-axis
current is held constant at iy = 0.

5.4.1 Rejection of Voltage Harmonics

Fig. 5.3 shows a simulation of the MCVM, where the dc voltage reference is held con-
stant at 2 pu. A load power step that requires i, = 0.5 pu is applied after 0.02 s, and this
causes the dc voltage to increase by 0.3 pu. A fifth-order harmonic with the magnitude
E5 = 0.02 pu appears at t = 0.04 s, which results in a slightly distorted more distorted
grid current. The voltage harmonic also introduces fluctuations in the dc voltage. These
fluctuations are due to that the distortion E; and i, cause P, to fluctuate, and the in-
stantaneous power fluctuations spread to the dc-link, which will be further discussed in
the next chapter.

Fig. 5.4 shows the error angle for the MCVM, the PLL-type estimator, and the
SCVM, for the last 0.01 s in the above simulation. The bandwidth of all three flux
estimators is 0.5 pu in the vicinity of § = 0. Even though all three estimators reduce
the grid voltage harmonic quite satisfactorily, the MCVM has an edge over the PLL-
type estimator and the SCVM. The larger angle magnitude of the SCVM is due to that
this estimator uses both £, and E’q, for which the distortion sum up, while the MCVM
and the PLL-type estimation use £, only.

Fig. 5.5 shows a simulation, made under the same conditions as Fig. 5.3, of the
classical DFO “flux estimator” in (4.14)—(4.15). It can be seen that the error angle in
Fig. 5.5(d) and the grid current in Fig. 5.5(c) are more distorted than for the “dynamic”
flux estimators in Fig. 5.4. Observe that the larger current distortion is not seen from
i, in Fig. 5.5(b), since the distortion in the transformation factors e/t and e=%* ideally
cancel each other for the synchronous reference frame.
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1.6 T T T T T T T
0 0.01 0.02 0.03 004 005 006 0.07 008 0.09 01

0.07 0.08 0.09 01

0 001 0.02 0.03 0.04 0.05 0.06

0.01 0.02 0.03 0.04 0.05 0.06 0.07 0.08 0.09
t(s)

Fig. 5.3. Simulation of the MCVM for a grid voltage disturbance. (a) DC voltage. (b) g-axis

current. (c¢) Grid current and grid voltage in the « direction.

0 (rad)

0.095 0.0975 0.1
t(s)

Fig. 5.4. Comparison of rejection to grid voltage disturbances, by means of the resulting
error angle. The studied flux estimators are: the MCVM (solid), the PLL-type estimator

(dashed), and the SCVM (dash-dotted).
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() Lq s S S :

(d) 0.4 -
0.2 1
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—-0.2 A
-0.4 : : : : :

0O 0.01 0.02 0.03 0.04 0.05 0.06 0.07r 0.08 0.09 0.1
t(s)

Fig. 5.5. Simulation of the classical DFO grid flux “estimator.” (a) DC voltage. (b) g-axis
current. (¢) Grid current and grid voltage in the « direction. (d) Error angle.

0 (rad)
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5.4.2 Response to Phase-Angle Jump

Fig. 5.6 shows the simulated responses to a “phase-angle jump” for the MCVM, the
PLL-type estimator and the SCVM. All three estimators are designed for a bandwidth
0.5 pu in the vicinity of § = 0.

The response to the load power step at ¢ = 0.02 s is similar for all three estimators.
A symmetrical voltage dip occurs at t = 0.05 s, which is associated with a “phase-angle
jump” of @ = 0.78 rad = 45° (this is a large “jump” [20]) and the grid voltage modulus
reduces by 0.2 pu. All three estimators converge to f ~ 0 at approximately 0.02 s after
the dip appeared. The convergence rate of the SCVM is slow immediately after the
voltage dip. The field orientation therefore remains inaccurate, and the instantaneous
active power for a given i, and iq = 0, P, = 3E,i,cos 6, reduces. This is seen in
Figs. 5.6(b)-(c): the SCVM yields the largest deviation in wvg. from the dc voltage
setpoint, in contrast to having the largest i, at t = 0.55 s.

0 001 002 003 004 005 006 007 008 0.09 0.1
() 247 AR SRR NI AR I AT ‘

16 ; : : : : : : : : ;

0 001 002 003 004 005 006 007 008 0.09 0.1
()15 7 SERIR R TII e s e ‘

-0.5 : : : : : : : ; ; }
0 0.01 0.02 0.03 0.04 0.05 0.06 0.07 0.08 0.09 0.1
t(s)
Fig. 5.6. Comparative study of the responses to a 45° “phase-angle jump” for the MCVM
(solid), the PLL-type estimator (dashed), and the SCVM (dash-dotted). (a) a-axis grid volt-

age. (b) DC voltage. (¢) g-axis current. (d) Error angle.
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5.5 Summary

The emphasis of this chapter was on grid-flux estimation, and three estimators were
analyzed. All three estimators were found to be asymptotically stable, and suitable
estimator parameters were given in terms of the desired bandwidth and the grid voltage
modulus.

A grid flux estimator should be designed for a fairly low bandwidth, since this
improves the rejection of grid voltage harmonics. The MCVM was proven to be very
robust against the grid voltage harmonics, albeit less suitable for island operation. For
such operation, the PLL-type estimator can instead be recommended. The SCVM is
not recommended at all for grid-flux estimation, since simulations indicate that this
estimator is associated with fairly poor rejection of grid voltage disturbances. Further
analytical studies are, however, required in order to stringently verify this.
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Chapter 6

Controller Design

This chapter describes a classical cascaded control system structure for the back-to-back
converter. The resulting control design is closely related to previously published work,
and this is acknowledged where appropriate. Initially, the fundamentals of the control
theory that will be used is presented, and the controller designs then follow.

The principle for feedback current control here chosen is traditional synchronous-
frame PI control [69], which is preferably used in combination with carrier-based PWM
and regular sampling [59]. We also acknowledge the numerous other variants available
for current control, see [69] for a comprehensive survey.

The fairly few contributions of this chapter are related to the control of the PWM
rectifier. The design of the fast inner grid current control loop and the design of the
outer feedback loop for dc voltage control are described. The reduction of grid voltage
disturbances is analyzed, and possible routes to improvements are pointed out. The
chapter concludes with a simulation study of the resulting control system structure.

6.1 Internal Model Control

This section provides a brief tutorial on internal model control (IMC) [87] for real-
and complex-valued single-loop feedback systems. IMC is a model-based technique for
controller design, for which the resulting controller becomes directly parameterized in
terms of the plant model parameters and the desired closed-loop bandwidth.

Fig. 6.1 depicts the control system structure of IMC as a block diagram, where

v
2
=
\

Fig. 6.1. Block diagram of IMC structure.
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G(p), G(p), C(p) plant, plant model, IMC controller;
u(t), y(t), y(t) input, output, modeled output;
r(t), e(t), d(t) reference signal, error signal, load disturbance.

Provided that the plant is accurately modeled and that no disturbances are present,
i.e., G(p) = G(p) and d(t) = 0, then y(t) is canceled by 7(¢) in the feedback loop. The
closed-loop system then equals the open-loop system:

G.(p) = G(p)C(p). (6.1)

A not far-fetched idea would be to select the “optimal” IMC controller C'(p) = G~(p),
which would cancel all plant dynamics, giving G.(p) = 1 and y(t) = r(t) for all ¢. This
choice for C'(p) is not physically realizable, however, for the following reasons:

e G!(p) is unstable if G(p) has at least one zero in the right-hand side of the
complex plane.

e G!(p) cannot be implemented unless it is proper, which means that the degree of
the numerator must be equal or lower than the degree of denominator. However,
G~!(p) is never proper for a physical process, since the degree of the denominator
for a physical G(p) is always higher than the degree of the numerator.

e The choice C(p) = G~'(p) would demand for excessive control action, so u(t)
would be large, and the system would be highly sensitive to model errors.

These issues can be resolved by detuning the “optimal” controller with a lowpass filter.
With L(p) being the lowpass filter, the detuned C(p) becomes

C(p) = L(p)G~'(p) (6.2a)
L(p) = <p j a) . (6.2b)

Consequently, the closed-loop system equals L(p) for accurate model parameters:

Ge(p) = L(p)G ' (p)G(p) = L(p). (6.2¢)

Notice that all poles of L(p) have for simplicity been placed in «, but this is no gen-
eral requirement for IMC. The degree of the filter, though, must be chosen sufficiently
large for C'(p) to become proper. Hence, n must be larger or, preferably, equal to the
denominator degree of G(p).

It is for practical purposes suitable to rearrange the IMC structure in Fig. 6.1 to
the “classical” control system structure in Fig. 6.2, where F'(p) is a “classical” controller.
This controller is given by the transfer function from e(t) to u(t):

C(p) o A—1
F(p) T C)E0) @+®W%WG(M- (6.3)
For the important case that G(p) is a first-order system, then the classical controller
reduces to

F(p) = =G (p), n=1 (6.4)
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6.1. Internal Model Control

Fig. 6.2. The IMC rearranged as the “classical” control system structure.

while the following controller results for a second-order G(p):

F(p) G~ (p), n=2. (6.5)

- p*+2ap
For the inner current control loop, the bandwidth « should always be selected smaller
than a decade below the sampling frequency [51]. The maximum bandwidth allowed
is not always attainable, however, since this choice may demand for excessive control
action that frequently saturates the control system [51]. A smaller bandwidth should
then be chosen.

The closed-loop bandwidth can occasionally be directly selected from the easily

derived formula [48]
In9 2.2
iy (6.6)
where ¢, is the desired rise time (from 10 % to 90 % of the final value) for y(¢). This for-
mula holds exactly for real-valued first-order systems, and approximately for first-order
complex-valued systems as well, albeit a complex-valued first-order system stringently

is a second-order real-valued system [45].

«

6.1.1 Two-Degrees-of-Freedom IMC

A drawback of IMC is that the resulting control system structure may reject load
disturbances poorly. Consider the transfer function from the load disturbance d(t) to
the output y(¢) in Fig. 6.2:

_ Gl _p
1+ F(p)G(p) p+a

Gay(p) G(p)- (6.7)
If the dynamics of G(p) are fast, or much faster, compared to the dynamics of the
closed-loop system, then the load disturbance rejection should be sufficient, or else the
rejection can be improved by increasing «. However, the dynamics of G(p) are normally
much slower compared to the dynamics of the closed-loop system, so the disturbance
reduction is to a great extent determined by the sluggish process.

The principle of two-degrees-of-freedom IMC' [87] can be implemented in order
to speed up the load disturbance rejection for IMC. Such a control system structure
is depicted in Fig. 6.3, where the additional degree of freedom is introduced by the
feedback controller F’(p) in the inner loop. The controller F’(p) is generally dynamic,
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Chapter 6. Controller Design

Fig. 6.3. Block diagram of two-degrees-of-freedom IMC. An inner loop provides additional
feedback of y(t) through F’(p).

but will for our purposes be static. For a static I and a first-order G(p), the inner loop
solely provides additional damping to G(p), and we shall therefore refer to two-degrees-
of-freedom IMC as active damping.

6.1.2 Back-Calculation

The input signal u(t) is for practical operation limited to a maximum and a minimal
value. Once u(t) becomes limited, the integrator part of a PI controller may intro-
duce the well-known phenomenon integrator windup [9]. Integrator windup normally
manifests itself as an overshoot in the step response of the output signal.

Back-calculation [9, 51] is a simple and effective technique to circumvent the
problem of integrator windup. Consider a conventional PI controller, where u(t) has
become limited to @(t), due to too large e(t):

dI(t)
— = clt) (6.8)
ult) = kye(t) + kI (%) (6.9)
u(t) = [u(t)min - (6.10)

In order to avoid integrator windup, the integrator sum I(t) should not be updated
with the too large e(t), as in (6.8), but with the modified error €'(¢) that would have
given u(t) = u(t) precisely:

a(t) = kye'(t) + kI (1), (6.11)

By subtracting (6.9) from (6.11), and solving for €'(¢), the modified error is back-
calculated as [48]

et) = kip[ﬂ(t) —u(t) + kpe(t)] = e(t) + kip[ﬂ(t) —u(?)] (6.12)
so the following controller results:
di(t)
o (t) (6.13)
u(t) = kpe(t) + kiI(t) (6.14)
u(t) = [u(t)nin - (6.15)
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6.2. Grid Current Control

Observe that the proportional part of the controller still uses the original error e(t).

The upper and the lower boundary for the limited input signal u depends on
certain physical constraints, which are application-dependent. Take for instance speed
control, which is here assumed to be accompanied by a current control loop. Then, the
input signal corresponds to the setpoint for the g-axis current, which must be confined
within a permissible interval in order to avoid over-current for a PWM converter. The
permissible interval is given by the maximum and the minimal g-axis current allowed:

-3 (6.16)

i[5

1q,max = | |max vy lgmin

where |i|?,, is the maximum current modulus allowed. The procedure of confining zref

to the interval [ig min, lgmax] 18 in this chapter denoted by

wet = [ (6.17)

q 9 lImin

where zref is the modified ¢ current setpoint. For a current controller, on the other
hand, the input signal corresponds to the command voltage vector v. For large current
steps, the current controller may demand for a v that exceeds the maximum realizable
voltage modulus of the PWM converter, which is referred to as voltage saturation. In
this chapter, voltage saturation is denoted by:

¥ = PWM(v, ;) (6.18)

where Vv is the modified command voltage vector, and PWM stands for pulsewidth
modulation. Voltage saturation is further treated in Chapter 7.

6.2 Grid Current Control

The basic structure of the following grid current controller follows the guidelines given
in [51, 99] and [29], the latter with respect to active damping. Therefore, novelty is not
claimed for the basic controller design, but we shall in the following thoroughly analyze
the reduction of the grid voltage disturbances for the resulting controller design.

The grid current dynamics in (4.2) are
di

Lyt =y = (Ry + jorLy)iy — B, (6.19)

The transfer function from v, to i,, which represents the process model, is therefore

1

G(p) = .
W)= L R, +joil,

(6.20)
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Lef + €

\

Fig. 6.4. Grid current control with inner feedback loop for current decoupling and active
damping.

The inductor resistance R, is designed to be small, so the grid voltage disturbances will
be poorly damped by G(p) unless active damping is introduced. The first step in the
controller design is therefore to introduce the inner feedback loop in Fig. 6.3. The inner
loop has two purposes. Firstly, the cross-coupling between iy and 7,, due to the term
Jjwi1Lgig, should be canceled. Provided that L, is fairly accurately modeled, this is easily
accomplished by adding jwlf/gig to F’. Secondly, the disturbance rejection should be
speeded up by adding active damping. The active damping and the current decoupling
are introduced by selecting v, as follows:

vy =Vl — (Ra — jwiLy)ig (6.21)

where R, is the active resistance [29], and vy is the command voltage vector that results
from the outer feedback loop in Fig. 6.3. By substituting (6.21) in (6.19), the system
model is then

di,

LQE

=V, — (Ra+ Ry + jwiLy)iy — E, (6.22)

where I}g =L, — f}g. Fig. 6.4 depicts the system model as a block diagram. From the
perspective of the outer feedback loop, the process model for accurate model parameters
is given by the transfer function from v to i,:

_ G(p) _ 1
1+ (Ry — jw1Ly)G(p) pL,+ R, + R,

G'(p) (6.23)

Following (6.4), since G'(p) as a first-order system, the current controller becomes
Qe 11 = Qe =
F(p) = ;G (p) = oLy + ?(Rg + R,) (6.24)

where «. is the desired bandwidth for the current control loop. As seen from the above
equation, F(p) becomes an ordinary PI controller. A suitable choice is to make the
inner feedback loop as fast as the closed-loop system. Placing the pole of G'(p) at —a.
provides the active resistance as

R,+ R, L
Mot fe = R,=al,— R, (6.25)
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1/k,
D . k
+ ' _ +
4
> ky PWM
+ Vgef —2el'
> jwlf/g*Ra

Fig. 6.5. Digitally implemented grid current controller. The integrator part of the controller
is discretized by using the forward difference approximation [10]. “D” denotes the unit-delay
operator and “Ty” is the sampling period.

The following summarizes the resulting current controller:

e =i — i (6.26)
dl 1

— = — (Vyef — Ve 6.27
dt e+kp<vf Vier) (6.27)
Vet = kpe + kI + (jui L, — R,)is (6.28)

Viet = PWM(Vreﬁ 91)

where

k, = acf}g, k; = &c(Rg +R,) = aglA}g, R, = acig — Rg =~ acf}g (6.30)

are the proportional gain, the integration gain and the active resistance, respectively, of
the grid current controller. Note that back-calculation has been introduced, as described
in Section 6.1.2. Fig. 6.5 shows a block diagram of the digital implementation for the
current controller.

6.2.1 Assessment of Disturbance Reduction

For accurate model parameters in the above controller design, the transfer function
from the grid voltage disturbance E, to the error signal e is found to be

_ G p
1+ F(p)G'(p) p+a.

G'(p) = W. (6.31)

GEe (p)

The static gain for Gge(p) at the harmonic frequency nw, becomes

nwy
L, [(nwg)2 + 045} '

|GEe(jnwy)| = (6.32)
The values w, = 1 pu, L, = 0.1 pu and a, = 7 pu, the latter corresponding to a current
rise time of approximately 1 ms, are considered for a numerical example. We also recall
from Section 4.1.4 that the negative sequence and the fifth-order /seventh-order voltage
harmonics can be represented by n = 2 and n = 6, respectively. For these numerical
values, the following static gains result:

|Gre(j2w,)| = 2/[0.1- (22 + 7*)] = 0.4, |Gge(jbw,)| = 0.7. (6.33)
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The voltage disturbances are, hence, fairly poorly rejected for the present current con-
troller, in spite of active damping being used. This means that the grid voltage distur-
bances distort the grid current.

The disturbance reduction can be improved by increasing either the closed-loop
bandwidth or the filter inductance L,, as seen from (6.32). Alternatively, better dis-
turbance reduction be obtained by complementing the above feedback control with a
feedforward design. Such a design has been proposed in [17, 106, 107] and [71], where
the latter reference considered only the negative sequence of E,. Finally, so-called “dual
current control” [105] may possibly be used for improved disturbance rejection. Except
for some simulations made below, the topic of disturbance reduction for grid current
control is not further considered in this thesis.

6.3 DC Voltage Control

6.3.1 Feedback Linearization

The design of the dc voltage controller is facilitated through use of feedback linearization
[103]. The feedback linearization transforms the nonlinear dc voltage dynamics in (4.11)
to an equivalent linear system representation, on which traditional linear controller
techniques can be applied.

The following new state variable is introduced for the purpose of feedback lin-
earization:

W =v3,. (6.34)
Substituting this in (4.11) gives the new system model as

%C% — _3E,i,— P, (6.35)
which is linear with respect to W. The physical interpretation of the state-variable
substitution is that the “energy” is chosen to represent the dc voltage dynamics, instead
of the dc voltage itself.

Similar variants for feedback linearization of the dc voltage dynamics have pre-
viously appeared in [62, 96]. We shall partly extend the results of these references by
introducing active damping for the dc voltage controller, and by thoroughly investigat-
ing the load power rejection of the resulting control system structure.

Remark: References [21, 24, 83] proposed a different feedback linearization method
compared to the above described one. Consider the alternative expression for the dc
voltage dynamics in (4.12):
dvge 3E i P
o%de _ _20gla s (6.36)

dt Vde Vde

This can be linearized, in the sense of feedback linearization, by selecting 7, to
3E4i, P

Vde Vde

o = (637)
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where i¢ is the new input (note that this ideally equals the true capacitor current in
Fig. 4.4). By substituting i¢ in (6.36), the new linear system model then becomes

Coge = ic. (6.38)

This is the starting-point for the controller designs in [21, 24, 83]. The linearization
in (6.37) is slightly more complicated compared to (6.34), however, so the linearized
system resulting from the new state variable is preferred in the following controller
design.

6.3.2 Controller Design

The transfer function from ¢, to W in (6.35) is found to be

(6.39)

which has a pole in the origin, so an inner loop for active damping is here highly
motivated. The inner loop is introduced by selecting i, as

ig = il + G W (6.40)

where G, is the active conductance that provides active damping, and i; results from
the outer feedback loop in Fig. 6.3. By substituting (6.40) in (6.35), the system model
transforms to

1 _dW .
§OW = —?)Eglg — SEgGaW - PS (641)
which is depicted as a block diagram in Fig. 6.6. The transfer function from 7, to W,

which describes the resulting process model from the perspective of the controller F'(p),

becomes
6F

G’ =9 6.42
) = oe (6.42)
Following (6.4), since G'(p) is a first-order system, the following dc voltage controller

results ~

&g 1 adC OédGa
F(p) = 2@ - _ — 6.43
(p) ) (p) = —75 B, (6.43)
B /
S 1_____0_@___
Wit + € i i - W=vj,

|
=
=
o
|
w
=
QQ +
A
3
Q‘N’

Fig. 6.6. DC voltage closed-loop control with inner feedback loop for active damping.
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o]
{é]

Ude

Fig. 6.7. Digitally implemented dc voltage controller. The integrator part of the controller
is discretized by using the forward difference approximation [10]. “D” denotes the unit-delay
operator and “T,” is the sampling period.

which is an ordinary PI controller. Observe that IMC would have led to a proportional
controller unless active damping were used. However, a PI controller is required for zero
remaining error after a load power step, and such a controller results directly from IMC
when using active damping.

A suitable choice is to make the inner feedback loop as fast as the closed-loop
system. Placing the pole of G'(p) at —ay provides the active conductance as

6EgGa Ozdé
- — = Ga — . 644
C ad 6Enom ( )
The following summarizes the above design for the dc voltage controller:
eq = Wit — W = (0552 — 02, (6.45)
d'[d 1 =Tre -re
— = cat i (7" — vt (6.46)
i = kpeq + kily + Govg, (6.47)
=0 (6.48)
where R R R
adC O./?IC OédC
k, = — ki = — = 4
P 6B 6B Gq 6E (6.49)

are the proportional gain, the integration gain, and the active conductance, respectively,
of the dc voltage controller. The bandwidth ay of the dc voltage control loop must be
chosen at least a decade smaller than the bandwidth of the grid current control loop,
since the grid current dynamics have been neglected in the present design. Fig. 6.7
shows the digital implementation of the dc voltage controller as a block diagram.

6.3.3 Assessment of Disturbance Reduction

For accurate model parameters in the above controller design, the transfer function
from the load power disturbance P; to the error signal e; in Fig. 6.6 becomes
1 G'(p) p_ G'(p) 2p

Gre(p) = B TTFGIO0) ~ rtes3E ~ Chtalt (6.50)
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The load power P is capable of changing quickly, since it is roughly proportional to w, T,
and T, may change as fast as the closed-loop stator current dynamics. Let us therefore
study the step response of e;4(t). Provided that the load power changes stepwise from
zero to P at t = 0, then ey(t) becomes:

P 2P 2P
=L Gpe(p)—p =L b = e 6.51
R U R e Bt (651
The time derivative of e4(t) is
ded B 2P —agt
e (1 —agt)e (6.52)

which has a local maximum for ¢ = 1/a,4. By substituting this in (6.51), the maximum
error is found to be

2P,  0.7P
€dmax = e~ .
e adC ode

Given that P is positive, and by considering vg. = 0.9v% as the minimal dc voltage

allowed, then the maximum error for the load power step must remain below

(6.53)

Camas < (V1) = (0.9 ~ 0.2(v5) . (6.54)
When solving this inequality for a4, the following constraint results
0.7P 4P
Qg > "2 ~ N
020 ()" C(vi)

The values C' = 20 pu, v5f = 2 pu and P = 4 pu are considered for a numerical

example (see Appendix A for details on the per-unit system), which give oy > 0.2 pu.
This bandwidth corresponds to a dc voltage rise time of ¢, < 35 ms, which can be
considered as fast, but not unattainable for a PWM rectifier.

If only small values for e4(t) are allowed, or if C'is small, it may then be necessary
complement the feedback control with a feedforward design, as proposed in [72]. The
feedforward compensation should be used with caution, however, since P, may become
highly distorted if the ac machine appears as an unsymmetrical load [83]. The distortion
in P, then spread directly to 7,, via the feedforward compensation, resulting in more a
distorted grid current.

The feedforward compensation is introduced by subtracting Ps/(3Epom) from
(6.40):

(6.55)

. . P,
i = iy + GV — 5 - (6.56)

where E, o, is the nominal grid voltage modulus, which is preferred over Ey, in order to
avoid that grid voltage disturbances spread to i,. By substituting (6.56) in (6.35), the
dc voltage dynamics become

1 _dW

. E
50% = —BEgZ; - BEgGaW + <

- 1> P, (6.57)

nom

so the load power theoretically cancels in the differential equation for W, provided that
Eyom = Ey. In practice, however, further design considerations may be required if C' is
very small, we refer to [24, 62] for details on this topic.
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Discussion of Grid Voltage Disturbances and Load Unsymmetrics

The dc voltage dynamics are in practice slightly more complicated than so far discussed,
since vgq, is also affected by grid voltage disturbances, harmonics in i, and by load un-
symmetrics [83]. This is not critical with respect to the dc voltage control, but increases
the grid current distortion. Consider Fig. 6.6: if either one of £, i,, or P (or all three)
is distorted, then this distortion appears in vg., and is also further transmitted to i,
via the dc voltage control loop. The following two methods, at least, can be applied in
order reduce the distortion in ig:

Design the dc voltage control loop for a small bandwidth, or use different band-
widths for the transient and the steady-state operation [44, 96]. The dc voltage fluctu-
ations are thereby allowed, given that the harmonic frequencies are at least a decade
larger than the bandwidth of the dc voltage control loop. The allowed dc voltage fluc-
tuations are not crucial for the proper operation of the back-to-back converter, since
minor variations in vg. are taken into consideration by the pulsewidth modulator [7].

Add zeros to the feedback loop of the dc voltage controller. These zeros should be
selected such that the harmonics in the dc voltage are blocked from the feedback path.
The dc voltage harmonics are thereby allowed by the controller, as they do not affect
the setpoint for .

These methods will not be further investigated, we leave them to future research.

6.4 Induction Machine Controllers

The following briefly describes the controller designs in [52, 99] for the purpose of provid-
ing a complete control system structure for the back-to-back converter. The method-
ology to design these controllers is similar to the procedure described in the present
chapter, we refer to the mentioned references for further details. The controllers are
here given in their analog form, which can be converted to digital form by using the
forward difference method [10], for instance.

The following summarizes the current controller in [52, 99] for an induction ma-
chine:

€ = lper — 1, (658)

dl 1
- i _re — Vre 6.59
g~ €t g, (et = Vi) (6.59)
Vief = kpe + kl:[ + (jwlz:o’ - Ra)is (660)
Vref == PWM(Vref, 91) (661)

where

ky = acLy, ki =a.Rs+ R,) =a’L,, R,=al,—R, (6.62)

are the proportional gain, the integration gain, and the active resistance, respectively,
and a, is the desired bandwidth for the stator current control loop. As seen, the con-
troller does not differ much from the previously described grid current controller. The
essential differences are that the filter inductance is replaced by the leakage inductance,
and the filter resistance is substituted with the stator resistance.
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The following summarizes the speed controller in [99] for an induction machine:

€s = Wref — (Dr (663)
dIS 1 —ref -ref
il + k—p(zq — i) (6.64)
i = kyes + kil + By (6.65)
= [ (6.6)
where
g a2J g —b

= , k= , B,= 6.67
! gngwref ’ gngwref ¢ gngwref ( )
are the proportional gain, the integration gain, and the active viscous friction, respec-
tively, and «y is the desired bandwidth of the speed control loop. This speed controller
is for constant-inertia loads, a variable-inertia load may require a more sophisticated
control system structure [5].

6.5 Simulation of PWM Rectifier

This section presents simulation results of the, in this chapter described, control system
structure for the PWM rectifier. The bandwidths of the current control loop is 7 pu,
corresponding to a current rise time of 1 ms, while the bandwidth of the dc voltage
control loop is explicitly stated for each simulation. Only feedback control is used for
both control loops, meaning that no kind of feedforward compensation is implemented.

The MCVM is used for grid flux estimation, having a bandwidth of p = 0.3 pu in
the vicinity of # = 0. The filter parameters are L, = 0.1 pu, R; = 0.01 pu and the dc
link capacitance is C' = 10 pu. The corresponding model parameters are Zg = 1.1L,,
R,=09R, and C = 1.1C.

The dc voltage setpoint is stepped from 2 pu to 2.5 pu at t = 0, and a load power
step of 2 pu, corresponding to ¢, = —0.7 pu, is applied at ¢ = 0.04 s. A negative sequence
voltage, accompanied by a “phase-angle jump” of —45° and voltage dip of 0.2 pu, occurs
at t = 0.08 s. The negative sequence vanishes and fundamental voltage recovers at
t = 0.12 s, which coincides with the occurrence of a fifth-order voltage harmonic. Table
6.1 summarizes the applied test sequence of steps and voltage disturbances.

TABLE 6.1
SIMULATION TEST SEQUENCE

t (s) <0 0 0.04 0.08 0.12

ot (pu) 2 25 25 25 25
P;  (pu) o o 2 2 2
Ef  (pu) 1 1 1 08 1
Ef (puy O O 0 03 0
Es (puy 0 0O 0 0 0.1
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6.5.1 Fast DC Voltage Control Loop

Fig. 6.8 shows a simulation of the PWM rectifier with a dc voltage control bandwidth
of 0.7 pu, corresponding to a rise time of 10 ms for the squared dc voltage. This rise
time also approximately agrees with that of vy, as seen in Fig. 6.8(b).

Harmonics appear in the grid current, due to the fairly poor rejection of grid volt-
age disturbances for the studied control system structure. It can be seen from Fig. 6.8(a)
that ¢, is distorted when grid voltage disturbances are present. This distortion results
from both the dc voltage and the grid current control loops. The MCVM, on the other
hand, provides a good rejection of the voltage disturbances. As seen from Fig. 6.8(a),
the maximum oscillation in # has a magnitude of only # ~ 0.1 rad = 5.7°. Meanwhile,
the “phase-angle jump” at ¢t = 0.08 s is quickly tracked by the MCVM.

6.5.2 Slow DC Voltage Control Loop

This simulation is made under similar conditions as above described, but the closed-
loop bandwidth for W = v2_ is now 0.2 pu. This corresponds to a rise time of 35 ms for
the squared dc voltage.

Fig. 6.9 shows the results of the simulation. Compared to Fig. 6.8, the smaller dc
voltage bandwidth in this simulation reduces the distortion in i,, as previously noticed
in [44, 96]. However, the smaller bandwidth also yields a slower response to load power
disturbance at ¢ = 0.04 s, which leads to a dip in vy, of 0.2 pu. The response can be
speeded up by adding feedforward compensation for the load power, as noticed in [72]
and also described in Section 6.3.3.
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Fig. 6.8. Simulation of PWM rectifier with ag = 0.7 pu.
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Fig. 6.9. Simulation of PWM rectifier with ay = 0.2 pu.
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Chapter 7

Active Power Filtering and
Deadbeat Current Control

In this chapter, the fully controlled grid current of a PWM rectifier is exploited for
the purpose of shunt active power filtering at a moderate switching frequency. This
application put special demands on the control system structure for the PWM rectifier,
so the current controller design made in the previous chapter will not be used here.
Instead, this chapter deals with current controllers that are tuned for the deadbeat
response.

The chapter consists of two main parts. The first part deals with active filtering;
some aspects for active filtering are initially described, and the studied system config-
uration is introduced. Five algorithms for identifying the harmonics to be filtered are
then reviewed; these are referred to as harmonic detection algorithms. Experimental
evaluation of active filtering follows. The second part of the chapter deals with analysis
and development of the deadbeat current control loop. Deadbeat controllers designed
to achieve the current command both in one and in two sampling periods are designed.
Moreover, various methods to limit a command voltage vector that exceeds the maxi-
mum realizable voltage modulus are reviewed.

7.1 Active Filtering

An adjustable-speed drive (ASD) is often fed via a diode or thyristor rectifier. These
are simple and cost-effective rectifiers, but produce distorted grid currents. In order
to reduce the harmonic distortion of a group of ASDs, an active filter (AF) can be
installed in parallel with the ASD [4, 13]. Alternatively, some of the ASDs may use
PWM rectifiers that operate both as rectifiers and as AFs. The latter alternative leads
to a cost-effective solution, since the size of the PWM rectifier only increases moderately
when active filtering functionality is added [2].

Many proposed AFs use a hysteresis current controller with a high switching
frequency of about 20 kHz. A classical method for active filtering is the so-called in-
stantaneous reactive power principle [4], accompanied by an analog hysteresis current
controller. The switching frequency of a conventional PWM rectifier is, however, usually
around 5-to-7-kHz, in order to keep the switching loss of the semiconductor valves at
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an acceptable level. The low switching frequency limits the maximum attainable band-
width for the current control loop, so active filtering becomes more difficult to achieve.
In addition, a computational delay is often introduced for a digitally implemented con-
trol system structure, which further complicates active filtering.

An AF may be programmed to only remove current harmonics that exceed a
certain level, for instance, the level set in [65]. We shall refer to this as selective filtering,
and study two methods for such type of filtering in the following. An advantage of
selective filtering is that the required current modulus for the AF becomes smaller.

7.1.1 System Configuration

The studied system configuration is shown in Fig. 7.1. The system consists of two
ASDs, which are fed via a thyristor rectifier and a PWM rectifier, respectively. The
PWM rectifier operates as an AF, attempting to filter the harmonic load current of
the thyristor rectifier. Unlike the terminology used in the previous chapters, we shall
now reserve the term grid current for the sum of the currents that originate from the
thyristor and the PWM rectifiers, i.e., the current that is referred to as igq in Fig. 7.1.

In the following, the ASD connected to the PWM rectifier is in the no-load opera-
tion, so the current of the thyristor rectifier, denoted by iy, is the resulting load current
of the system. The load current in the three-phase system can therefore be described
by the following periodic sequences

ipa(t) = Z iL(n) COS (nwgt + gbL(n)) (7.1)
. ) 2m
ipa(t) = Z i L(n) COS (nwgt + Onm) — n§> (7.2)
. ) 4
irs(t) = Z iL(n) COS (nwgt + Orn) — ng) (7.3)

where ip,) is the nth harmonic amplitude of the load current, and ¢r,) is the nth
harmonic phase shift between the load current and the fundamental grid voltage. In
the following, current harmonics up to the thirteenth-order are considered, excluding
the triplens, since a conventional PWM rectifier is incapable of filtering triplen current
harmonics.

The vector-current controller [82, 106] that is used for the PWM rectifier for the
purpose of active filtering is depicted in Fig. 7.2. The controller is designed for the
deadbeat response, so the current reference i;ef ideally equals the desired value for the
true current iy at the next sampling instant. However, a current response time of two
sampling periods is effectively obtained, since the control computer for the studied
system configuration introduces a computational delay of one sampling period.

A special form of delay-time compensation is used by the vector-current controller,
in order to tackle the computational delay of the control computer, we refer to [82, 106]
for further details on this compensation method.

The AF functionality for the PWM rectifier is essentially introduced by the fol-
lowing three steps. Firstly, the currents originating from the thyristor rectifier, i, are
measured by the control system of the PWM rectifier. Secondly, the current harmonics
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Fig. 7.1. Block diagram of the two ASDs. The depicted control system structure is for the
PWM rectifier, which operates both as a rectifier and an AF.
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Fig. 7.2. Block scheme of the vector-current controller. The controller is a PI controller
designed for the deadbeat response, a one-sample delay compensator and a valve compensator
(82, 106].

of iy, are separated from the fundamental load current, through use of special software
for harmonic detection. Once the harmonics of iy, have been detected, these harmonics
determine the reference current for the active filter, which is denoted by i'¢L. Thirdly,

il is added to i;ef, which imaginary part ifff results from the dc voltage controller,

while the real part % is for open-loop control of the reactive power.

7.1.2 Effect of Delayed Current Response

The ideal AF would be able to track the reference i'el immediately, without time delay.
Of course, this is not physically realizable; a delayed current response is unavoidable. For
the studied AF vector control system, the current response time is two sampling periods.

101



Chapter 7. Active Power Filtering and Deadbeat Current Control

This delay greatly affects the capability of the AF to cancel current harmonics, especially
if the sampling frequency is low: once the true AF current has reached the desired
setpoint ik, then the load current harmonics no longer remain in the states they were
at two sampling periods ago. The true AF current iap, hence, appears as phase shifted
with respect to the harmonics in iz,. The sampling frequency 5 kHz and the fundamental
frequency 50 Hz are considered for numerical example, which give that the phase shift
for the eleventh-order harmonic becomes ¢r11) = 11 - 2750 - 2/5000 ~ 1.4 rad ~ 80°.
Evidently, this phase shift reduces for larger sampling frequencies, but is critical for
active filtering at a low sampling and switching rate.

Various methods for phase shift compensation have been presented. Reference [40]
proposed an adaptive filter, while [81] used a phase leading compensator filter, which
was implemented in analog hardware. If the harmonics are stationary, the phase shift
can also be compensated by using old load current measurements (half a fundamental
grid period minus two samples back) that are stored in RAM [2]. An alternative to this
method is to phase compensate each harmonic separately, by using predicted values for
the phase shifts of each individual harmonic. This method is only applicable for selective
active filtering, though, since it requires that each harmonic is detected separately. We
shall investigate the two latter methods for phase shift compensation, i.e., old load
current measurements stored in RAM, and individual phase shift compensation.

7.1.3 Selective Active Filtering

Selective active filtering implies that the AF is not attempting to cancel all of the
harmonics that are present in iy ; only individual harmonic currents, which are selected
by the AF control system, are canceled. Since the phase shift for each harmonic can
easily be predicted, an effective compensation method for selective active filtering is
to add the predicted phase shift to the space vector angle of each detected current
harmonic.

In the stator-oriented reference frame, the phase shifts for each harmonic during
the delayed current response of two sampling periods are

nwy2l,, n=7,13,19,...

Agy = { —nwy2T,, n=2511,17,... (7.4)

where n is the harmonic order, w, is the angular grid frequency, and 27 represents the
delayed current response of two sampling periods. As seen, negative phase shifts result
for n =5,11,17, ..., since these harmonics form negative sequences.

Eq. (7.4) holds only in the stator-oriented reference frame, since also the rotating
nature of the coordinate system should be considered for the synchronous reference
frame. The total phase shift then equals the sum of the phase shift for each harmonic
and the phase shift introduced by the rotation of the synchronous reference system. The
predicted phase shifts for the harmonics in the synchronous coordinates thus become

Ay = { (n - 1)Wg2T37 n=7,13,19,...

—(n+ 1Dw,2T,, n=>5,11,17,... (7.5)

which are, henceforth, referred to as the predicted phase shifts. As seen, the fifth- and
the seventh-order harmonics have similar phase shifts, albeit their signs differ, and a
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Fig. 7.3. Total phase shift in the synchronous reference frame for the: (a) Fifth-order
harmonic. (b) Seventh-order harmonic.

similar observation can be made for the eleventh- and the thirteenth-order harmonics.
This is due to that the fifth- and the eleventh-order harmonics form negative sequences,
while the seventh- and the thirteenth-order harmonic form positive sequences. Fig. 7.3
illustrates the resulting phase shifts for the fifth- and the seventh-order harmonics.

Selective active filtering can be based on various algorithms. Some of the proposed
methods use bandpass filters [92] or Fourier series [2] to extract individual current
harmonics, and a recently proposed method uses synchronously rotating coordinate
systems for each of the individual current harmonics [68]. We shall in the following
consider the latter two methods for selective filtering.

7.1.4 Detection of Current Harmonics
Direct Active Filtering Method

The direct active filtering method (D method) separates the fundamental load current
from the load current distortion. Consequently, individual harmonics are not detected.
The D method relies on that the fundamental part of iy appears as a dc quantity
in the synchronous reference frame, which can be separated from the harmonics by
implementing lowpass filters in the d and the ¢ directions; one filter is required in each
direction. The load current distortion is calculated by subtracting the output signals of
the lowpass filters from the non-filtered variants of i; 4 and 7y, 4, which is depicted in
Fig. 7.4. Observe that the lowpass filter does not phase shift the fundamental, which
is a dc signal in the synchronous reference frame. Second-order Butterworth lowpass
filters, all having the cut-off frequency 20 kHz, are here used for the D method.

The delayed current response of two sampling periods can for the D method be
circumvented by taking advantage of the periodicity of the load current, provided that
the load remains in the steady-state operation. In essence, the load current for the
previous half period are stored in RAM [2], which are then used to predict the AF
reference current two samples ahead. This procedure is henceforth referred to as the
direct method using phase shift compensation (DP).
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Fig. 7.4. Principle of the D method, which uses lowpass filters to detect the load current
distortion.

Fourier Method

The Fourier method, henceforth referred to as the F method, uses a numerical imple-
mentation of a moving Fourier series to detect the harmonics of the load current [2].
Due to the assumed three-phase symmetry, it suffices to detect the harmonics in one
of the three phases. In the three-phase system, the periodic load phase current can be
written in the discrete form as

[e.9]

ZL(]C) = Z iL(n) COS(ankJTS + ¢L(n)) (76)

n=1

where iy, (,,) is the magnitude of the nth order load current harmonic, and Qg = 27/N,
N being the number of samples for one fundamental period. Writing the load current
as a discrete-time Fourier series yields

ip(k) = Z () cos(NSAkTy) + by sin(nf kTy) (7.7)

n=1

where a¢,) and b, are the Fourier coefficients. The coefficients a(,) and b,) can be
written recursively as

(k) = aoy (k — 1) + % {iL(k:) +iL (k - g)] - cos(nQ,T,) (7.8)
by (k) = by (k — 1) + % {iL(k:) +iL (k - %)} (O kT, (T.9)

The magnitudes of the individual harmonics and their corresponding phase angles be-
come

inm) =/l + b, Prem) = arglagm) — jbw) (7.10)

respectively. Since the phase angle of each harmonic is individually derived, phase shift
compensation can be accomplished by adding the predicted phase shift for each har-
monic to their corresponding phase angle.

Fig. 7.5 depicts the resulting algorithm for the F method as a block diagram. The
phase shifts caused by the delayed current response are added to the phase angles of each
harmonic in the block “phase compensation.” The block entitled “reference reduction”
controls the amount of compensation for each harmonic, by scaling the amplitudes
of the detected harmonics with the scale factors r. For instance, r5=0 would imply
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that the fifth-order harmonic is allowed by the AF. Once the phase shifts have been
compensated and the amplitudes have been scaled, the resulting detected harmonics
are transformed to the synchronous reference frame. The resulting space vector i'ch

becomes the reference current vector for the AF.

Transformation Method

The transformation method (T method) [68] can be considered as the opposite approach
compared to the D method. Instead of separating the fundamental from the load current
distortion in the synchronous reference frame, the T method separates the individual
harmonics from the fundamental load current. This is performed by lowpass filtering
the load current in several coordinate systems, where the rotation frequency of each
system equals the frequency of a specific current harmonic. For instance, the fifth-order
harmonic appears as a dc signal in a reference frame that rotates with —5w,, with
respect to the stator-oriented system.

Two lowpass filters are required in each rotating reference frame, since the real
and the imaginary directions require one filter each. Consequently, totally eight lowpass
filters are needed to detect the harmonics of order 5-13. Each lowpass filter has the
Butterworth characteristic, and is designed for a cut-off frequency of 20 Hz. The filters
are only of the first-order, in order to increase the execution speed of the T method.

Fig. 7.6 depicts the T method as a block diagram. As seen, the phase shift com-
pensation, to circumvent the delayed current response of two sampling periods, is ac-
complished by adding the predicted phase shifts A¢r,) when transforming from the
different reference frames of the current harmonics to the synchronous reference frame.

Response Times of the Harmonic Detection Methods

The response time of the F method is 0.5 cycles, i.e., 10 ms for the fundamental fre-
quency 50 Hz, while the response times of the T method and the D method depend
on how the lowpass filters are designed. For the present designs, the T method and
the D method use first-order and second-order Butterworth filters, respectively, and
all filters have the cut-off frequency 20 Hz. Therefore, both the T method and the D
method have similar response times, which approximately equal 25 ms. Compared to
the D method, the DP method has an additional response time of 0.5 cycles compared
to the D method, which is due to that the DP method requires 0.5 cycles to store the
previous load current measurements in RAM.

The above presented harmonic detection methods will operate well provided that
the load current is periodic, i.e., ir(t) = i (t—1,), T, being the period time of the funda-
mental. However, the response times of the detection methods are at least 10 ms, which
makes the presented algorithms less suitable if the current harmonics are non-periodic,
ie., iL(t) #iL(t —T,). More advanced harmonics detection methods are required if the
operating mode iy, (¢) # i, (t —1),) occurs too frequently. Such advanced algorithms may;,
for instance, rely on predictive signal processing [113].
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Fig. 7.5. Algorithm of the F method.
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7.1.5 Experiments

The experimental AF is a PWM rectifier, equipped with IGBT valves (Toshiba MG400-
Q1US41 1200V, 400A) and a TMS320C30 control computer. The base values for the
PWM rectifier are 400-V rms phase-to-phase and 35-A rms. Variations in the dc-link
voltage, as well as the blanking time and on-state voltage drop of the semiconductor
valves, are compensated by the control program. The harmonic load current is produced
by a thyristor rectifier, which has a smoothing inductor L4. and a load resistor R4. on
the dc-side. Furthermore, a commutation inductor L. is placed between the grid and
the thyristor rectifier in order to reduce commutation notches. The sampling frequency,
fs, equals the switching frequency, fs,, of the PWM rectifier. Table 7.1 summarizes
characteristic parameters of the experimental system.

TABLE 7.1
CHARACTERISTIC PARAMETERS OF EXPERIMENTAL SYSTEM

Ly,=0.071pu FE,=10pu wy=27r50rad/s fs= fs = 6.0 kHz
Ry =0.012pu wvg.=20pu 7Ts=167 pus Rg. = 1.8 pu
Lo =0.021 pu Ly =19 pu

TABLE 7.2
EXECUTION TIMES FOR THE HARMONIC DETECTION METHODS

Algorithm  Execution time (us) Algorithm Execution time (us)
D 14 F 17
DP 16 T 34

The controller program is written in the C language, in order to facilitate the devel-
opment of the control code. The execution speeds for the different harmonic detection
methods are listed in Table 7.2. The T method is the most time-demanding algorithm,
since it uses eight first-order lowpass filters, while the D method uses only two second-
order lowpass filters.

In the following, all currents are normalized to the magnitude of the fundamental
load current. The measured load current and its frequency spectrum are shown in
Fig. 7.7, where the peak value for the current equals 35 A.

It was necessary to reduce the load current modulus when using the D method
and the DP method, since these algorithms provide the total load current distortion.
Given the load current in Fig. 7.7, steep current steps appear in i, and these steps
unavoidably forces the deadbeat current controller into voltage saturation for the D and
the DP methods. Unfortunately, the voltage saturation resulted in integrator windup for
the here used current controller, which in turn led to poor active filtering performance.
The reduced load current alleviated these problems for the here used deadbeat current
controller.

Fig. 7.8 shows the performance of active filtering for the D method and the DP
method. As seen from the harmonic spectra in Fig. 7.8(b), the grid current is almost
as distorted when using the D method as when no AF is used at all (load). This is
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Fig. 7.7. (a) The load current as a function of time. (b) The frequency spectrum of the load
current.

due to that the D method does not consider the phase shifts of the current harmonics
during the delayed current response. The performance of the DP method is better, since
the load current harmonics are reduced by a factor two, at least, in the resulting grid
current.

Three experiments were conducted in order to investigate the performance of the
selective active filtering methods, i.e., the F method and the T method. In the first
experiment, the load current harmonics of the orders 5, 7, 11, and 13 were filtered,
while only the fifth-order harmonic was filtered in the second experiment. The third
experiment considered active filtering of the seventh-, the eleventh-, and the thirteenth-
order harmonics, while the fifth-order harmonic was allowed by the AF. The results
of these experiments are shown in Figs. 7.9-7.11. As seen, the current harmonics are
successfully canceled by the AF, and the F method has an edge over the T method
with respect to filtering capability. This is due that the T method uses only first-order
lowpass filters, so the current harmonics cannot be properly separated from the load
current fundamental. The T method would have benefitted from higher-order filters,
but such filters would also have increased the execution time for the T method.
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are filtered. (a) Resulting grid current when using the F method. (b) Harmonic spectrum of
the grid current for: without AF (load), AF using the F and T methods.
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Fig. 7.10. The seventh-, the eleventh-, and the thirteenth-order harmonics of i} are filtered,
but the fifth-order harmonic is allowed. (a) Resulting grid current when using the F method.
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Fig. 7.11. Only the fifth-order harmonic is filtered, the remaining harmonics are allowed by
the AF.(a) Resulting grid current when using the F method. (b) Harmonic spectrum of the
grid current for: without AF (load), AF using the F and T methods.
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7.1.6 Summary

This chapter has so far demonstrated that active filtering can be achieved when using
6 kHz switching and sampling frequencies together with a sub-oscillating PWM and a
digitally implemented vector-current controller. All three active filtering methods that
use phase shift compensation (i.e., the D method, the F method and the T method)
operate satisfactorily. Experimental tests show that individual harmonic cancelations
up to the thirteenth order were successful. However, the experiments conveyed that the
deadbeat current controller was incapable of handling voltage saturation in a desirable
manner. We shall therefore in the remaining part of this chapter investigate the proper
design a deadbeat current controller.

7.2 Deadbeat Control and Saturation Strategies

The following sections investigate deadbeat current control for a PWM rectifier. The
presence of computational delay in the control system is described, and two current
controllers with finite settling times (deadbeat) are designed and analyzed. One of
these deadbeat current controllers is designed to achieve the current command in one
sampling period (will be referred to as one-sample deadbeat), while the other ideally
achieves the current command in two sampling periods (will be referred to as two-
samples deadbeat).

Various algorithms to limit a voltage vector that exceeds the maximum realizable
voltage modulus of a PWM converter are also described. These limiting algorithms are
applicable for any vector current controller, but are particularly valuable for a deadbeat
controller: the large proportional gain of a deadbeat controller easily leads to voltage
saturation, even for fairly small current steps. Finally, the study concludes with an
experimental evaluation of the resulting control system structure.

7.2.1 Computational Delay

The design of a digitally implemented controller depends on whether the computa-
tional time of the control computer, which host the control algorithm, is negligible or
not compared to the settling time of the feedback control system. Consider Fig. 7.12.
The computational time in Fig. 7.12(a) is much smaller than the sampling period. Con-
sequently, a feedback controller can be designed under the assumption on a delay-free
control computer. In Fig. 7.12(b), however, the computational time equals the sam-
pling period time. The computational delay is negligible for feedback systems where the

PING PING ig; |1Vg
t-k tk:q—l tk ....... tk+1
(a) (b)

Fig. 7.12. Computational times. (a) Delay-free control computer. (b) One-sample delayed
control computer.
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closed-loop bandwidth is much smaller than the sampling frequency. Then, the feedback
controller can be designed in a similar manner as if a truly delay-free control computer
were used. For the one-sample deadbeat controller, however, the computational delay
is highly critical: the one-sample settling time then equals the computational delay. It
will be below shown that the one-sample deadbeat controller is only marginally stable
in the presence of computational delay, while the two-samples deadbeat controller is
stable, albeit highly sensitive to the accuracy of the model parameters.

7.2.2 Design of Deadbeat Current Controllers

A deadbeat controller is a special variant of internal model control; both the deadbeat
and IMC controller cancel the process dynamics, and then place the closed-loop poles
at the desired location. IMC can therefore be used for designing deadbeat controllers,
even though the deadbeat response requires that digital control system design is used.

Active damping will not be considered in the following text, since the experiments
in this chapter were conducted at an early stage during the development of the present
thesis. Instead of active damping, a feedforward design is implemented in order to speed
up the response to grid voltage disturbances [107].

References [17, 78| proposed to use the Smith predictor [95, 104] in order to over-
come the computational delay of a “slow” control computer for the one-sample deadbeat
controller. In the following, it is demonstrated that the resulting control system struc-
ture of the Smith predictor is identical to the two-samples deadbeat controller that
results from IMC.

Discretization of the Process Model

The first step in the controller design is to cancel to cross-coupling between ¢4 and 7, in
(4.2), and to implement the feedforward design for E,. These issues are accomplished
by selecting v, to [107]

Vg =V, + jwi Ly + E. (7.11)

where v results from the feedback control loop. By substituting (7.11) in (4.2), the
grid current dynamics become
di )
Lgd—tg = v, — Ryi, (7.12)
under the assumption that Zg = L4, and that the feedforward compensation cancels E,
perfectly. Consequently, the transfer function from v; to i, becomes

1

G(p) = VLR, (7.13)

The second step in the deadbeat controller design is to discretize the continuous process
model G(p). However, v, is pulsewidth modulated [59] in nature, so G(p) is hard to
meaningfully discretize. It is here assumed that V’g can be approximated as piecewise
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constant in one sampling period (often referred to as zero-order hold [10]), which gives
the following discrete model:

G(z)=(1—21HZ [z—l {?H - Rgl(z__e;RTT/L/L) (7.14)

where z = e’s. For small R, or small Ty, this can be simplified by series expanding

e faT:/Lg about zero:

R,T,

e R/l 5, q _ Tlols
LQ

(7.15)

The quality factor ¢ = w,L,/R, = 5 and T;=0.1 pu, corresponding to a sampling
frequency of 3 kHz, are considered in order to verify this assumption numerically. This
gives

T, 1-0.1
e/t = o101/5 () 9802, 1 — L9475 — 1 —— = 0.9800 (7.16)
q

which are clearly in close agreement, so (7.15) can safely be substituted in (7.14):

R,T;
L, 1
G(z) ~ - ( 1 RQTS) ST (7.17)
z—1+ g g
¢ L, T,

This is, not surprisingly, identical to the forward difference approximation [10] of G(p).
We henceforth consider (7.17) as a sufficiently accurate discrete representation of G(p).

Discretization of the Current Decoupling Term

The current decoupling term jw; L,i, in (7.11) must be converted to discrete form for
a digital implementation. This is, however, not trivial, since a digital decoupling term
cannot perfectly cancel the analog nature of the cross-coupling between ¢; and i, in the
continuous-time domain. The current decoupling is particularly troublesome to achieve
for a deadbeat control system structure, where the low sampling rate in relation to the
large closed-loop bandwidth makes it difficult to approximate i, digitally.

Reference [8] proposed to approximate i, in one sampling period by the following

averaged value:

save 1 . . 1 are .
gkl 5 (ige1 +1igk) = 5(19,2 +igr) (7.18)

where the latter equality holds for the one-sample deadbeat controller, i.e., ig 41 = i;‘f,fC
ideally. A similar approximation to the above one can be introduced also for the two-
samples deadbeat controller:

rave 1

ke ~ 5('g,k+2 tigg) = o (8% + ). (7.19)

N —
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The discrete form of (7.11) can hence be approximated by

sref :
= + 15k
/ - g:k 9,
Vok = Vg T jwng72

regardless of whether the current control loop is designed to achieve the current com-
mand in one or two sampling periods

+E, (7.20)

One-Sample Deadbeat Controller

The one-sample deadbeat controller will be designed by means of IMC. Since G(z) is
a first-order system, the controller design should rely on the discrete variant of (6.4).
By using the forward difference method on (6.4), the controller resulting from IMC
becomes

G (2). (7.21)

The closed-loop system can be evaluated in order to deduce what o that corresponds
to the one-sample deadbeat response. For accurate model parameters, the closed-loop
system is

Fi(2)G(z) T
(2) 14+ F(2)G(2) z—1+aT; (7.22)
Hence, a = 1/T; represents the one-sample deadbeat response for IMC, since this

bandwidth yields G.(z) = z~!. This observation can easily be extended to hold for all
deadbeat controllers resulting from IMC, given that the process model is accurately
discretized by the forward difference approximation. The closed-loop system must then
equal the forward-difference discretized variant of (6.2b):

(aTy)™
(z—14aTy)™

L(z) = (7.23)
It can from this equation be concluded that o = 1/Ty always represents the dead-
beat response for IMC. The resulting current settling time depends on the filter order,
however, so the closed-loop deadbeat system for accurate model parameters becomes
G.z)=L(z) =z

The sampling frequency and the deadbeat bandwidth are related as

s 21T
ws 20T 6 (7.24)

o 1T,

This is slightly smaller than the recommended selection ws; > 10« [45, 86], which is
required for good correspondence between the true mixed continuous-time-discrete-time
system and the digital approximation.

By substituting o = 1/T; in (7.21), the following one-sample deadbeat controller
results:

G'(») L, R, T. L, R, Ty

Fi(2) (7.25)

z—1 T, T,z-1 i+T81—z—1’
The gain parameters in the above equation agree well with the parameters of the one-
sample deadbeat controller in [7], albeit the controller in this reference was derived in
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iref + e v

_____________

Fig. 7.13. Feedback control system structure for the one-sample deadbeat controller in the
presence of computational delay.

a different manner. The deadbeat response essentially originates from the proportional
gain being L,/T,, which was first observed in [107].

As discussed in Section 7.2.1, the one-sample deadbeat controller is only applicable
for delay-free control computers. Consider the feedback control system structure in Fig.
7.13, where the computational delay of the control computer is represented by the block
“271” The delay can be combined with G(z), in order to form the following “delayed”
process model:

G'(z) = 27'G(z) (7.26)
for which the closed-loop system becomes

F ! F 1

1+Fi(2)G'(2) z+Fi(2)G(z) 22—2z+1
under the assumption on accurate model parameters. The denominator of G.(z) has
the following roots (poles of the closed-loop system)

1 .
2o = 5 (14 5V3) = 7% (7.28)

Only marginal stability is hence obtained, since z; 5 are located at the unit circle. Con-
sequently, the one-sample deadbeat controller can only be used when the computational
time of the control computer is negligible compared to the sampling period time.

Two-Samples Deadbeat Controller

The two-samples deadbeat controller will be designed by means of IMC for the “delayed”
process model G'(z). Since G'(z) is a second-order system, the controller design must
now rely on (6.5), instead of the previously used (6.4). By discretizing (6.5) with the
forward difference method, the following controller results:

062

Ry = C)
( T, ) 2 (7.29)
N (O‘TS)Q Ar—1
22420l -1z +1— 204T3G (=)

Substituting the deadbeat bandwidth o = 1/7T; in Fy(z) provides the two-samples
deadbeat controller as

:Gf—l(z)_ 2:G7(2) _ G '(») (7.30)

P = o T e G- a2 )e=D)
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Fig. 7.14. One-sample deadbeat controller with Smith predictor. (a) Block diagram of Smith
predictor structure. (b) The Smith predictor rearranged as the “classical” control system
structure.

Interestingly, Fy(z) is closely related to the one-sample deadbeat controller in (7.25):

Fi(2) 1 L, R, T.27!
F = = — 4 —= . 7.31
2(2) 1+2z71 14271 (TS * T,1— 21 ( )

Both the one-sample and the two-samples deadbeat controller can hence be summarized
by the following difference equations:

R
L= IV (7.32)

L
. sref . /o g eref :
I, =1,_1+7T, (lg’k,1 - lg,kfl)a Vok = ?(lg,k - lg,k) +
s

where [ = 0 and [ = 1 for one-sample and two-samples deadbeat, respectively.

Let us compare (7.31) with the control system structure of the one-sample dead-
beat controller implemented on a “slow” control computer, where the one-sample com-
putational delay is circumvented by the Smith predictor [17, 78|. The underlying prin-
ciple of the Smith predictor can be understood from Fig. 7.14(a): the output of the
“delayed” process model should ideally cancel the true process output iz, such that
only the output of the “non-delayed” process model appears in the feedback path. It
can be observed that Fig. 7.14(a) is similar to the IMC structure in Fig. 6.1. In order
to further study this similarity, Fig. 7.14(a) is rearranged into the “classical” control
structure in Fig. 7.14(b). The “classical” controller Fy,(z) in Fig. 7.14(b) is found to be

_ Fi(2) _ Fi(z)  Fi(2)
14+ Fi(2)G(2)(1—271) 11—zt 14271
z—1

F.,(2) (7.33)

1+

which is identical to the two-samples deadbeat controller in (7.31), resulting from IMC.
This implies that the Smith predictor control structure and the IMC structure are
completely equivalent, which was first noticed in [23].

The following summarizes the practical implementation of the two-samples dead-
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1/2:>]wlﬁg

Fig. 7.15. Implementation of the two-samples deadbeat grid current controller, “D” denotes
the unit-delay operator.

beat design for grid current control:

ey = iy} — igx (7.34)
1 —re re
L =L+ T, |ep + k—p(vgé_l — V%) (7.35)
S L AR
Vo = kper + kil =V +jw1ng’kTg’ + B, (7.36)
Vok
Vg,k = PWM(Vg,k, 01) (737)
IS L A P
Vo = Vi — jwi Lt By, (7.38)
where
L R

kp == k= o 7.39
Py T, (7.39)

are the proportional gain and the integration gain, respectively. As seen, back-calcula-
tion is implemented for the integrator part (as described in Section 6.1.2), and the
decoupling and the feedforward terms in (7.20) are added to v;. Notice that it is required
to “back-calculate” V;,k from the resulting voltage command vector v, in order to
account for voltage saturation. Fig. 7.15 depicts the two-samples deadbeat controller as
a block diagram.

The following trick [6] can be applied in order to slightly improve the transient
response of the two-samples deadbeat controller:

Ve = /Ot (7.40)
An additional angle of 37;/2 is thus added to 6, when transforming the resulting
command vector to the stator-oriented reference frame, where PWM is implemented.
This trick accounts for the phase shift in EJ during the computational delay, and centers

V,, in the sampling period following the delay.
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7.2.3 Stability Analysis of the Two-Samples Deadbeat Con-
troller

The following stability analysis considers the closed-loop dynamics that result from
the two-samples deadbeat controller. The analysis is performed for the realistic case of
inaccurate model parameters, so it cannot be assumed that the current cross-coupling
perfectly cancel in the process model, as in (7.13). The stringent analytic treatment
of the current cross-coupling is difficult to achieve, however, since the coupling partly
depends on the accuracy of L,, and partly on how well (7.19) approximates i,. It is
here assumed that (7.19) perfectly corresponds to i, in one sampling period, such that
the true continuous-time process and the approximate digital process model are

1
G(p) = - = . 7.41
( ) pL, +JW1(Lg_L9)+Rg ( )

1
G(z) = :
L, + jw (L, — Ly) + R,

— (7.42)

T
The here studied control system structure is depicted in Fig. 7.16, where Fy(z) and

G(z) are given by (7.31) and (7.42), respectively. The closed-loop transfer function
from i;ef to iy is

Fy(2)G'(2)

G,(2) = 4
(2) 1+ Fy(2)G/(2) (7.43)
which has been found to be
L L 7. R,T.
(1—L—g)z—1+L—g+RZ S—RZ :
Gelz) = T IN . T T, AT 7, (T4
31— 22 T, -2 )2 -2 =g _ 95 T,
: ( L, e Lg) : ng " L, L, e Ly,
where
L,=L,—-L, R,=R,—R, (7.45)

are the model parameter errors. For small T}, such that terms involving T in G.(z) are
negligible, the process model can be approximated by

L L L L
1- 29 )14+ —1)(1-2 1- ¢
o) enfen) on

G.(2) ~ = = (7.46)
3_,2_ 9 -9 -1 2 _ 9 2 _ 9
28—z ng + I, (z—1) (z Lg) =7

g
In consequence of this approximation, the resistive voltage drop and the current cross-
coupling are henceforth neglected.

Let us now study (7.46). As expected, G.(z) = 272 for L, = 0. Moreover, the
denominator of G.(z) has the following roots (poles of the closed-loop system)

21 = 5 Z9 = — (747)

t~ |Qb<1
&

g
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G'(2)
i e vV i — i
2 Fy(2) ==+ FR{G() e
— I
i Comp !
i delay !

Fig. 7.16. Feedback control system structure for the two-samples deadbeat controller.

It can be directly seen that the poles are at the origin for Eg = L, only, and the
closed-loop dynamics are stable for |Eg| < Ly, which corresponds to 0 < Eg < 2L,.

It is, in this case, necessary to assess the transient response in the continuous-time
domain in order to further analyze the closed-loop dynamics. For this purpose, zo = —2;
is substituted in (7.46), which is then decomposed into partial fractions:

Go(z) = = LolLs :i(1—%)( Lo ) (7.48)

(z+21)(z—21) 2z z2—2 z4+zn

The inverse Z-transform of G.(z) is found to be

1 L _ _
ek = 2—21 (1 - L_g) [Zf t— (—Zl)k 1}

g
2 L, o
Since 1 + (—1)’“ = 0 for all odd k, g.x can be rewritten as
0, k=1,3,5,...
= L .
Bek 2 <1 . —g> k=246, (7.50)
LQ

The following conclusions can now be drawn on the closed-loop dynamics resulting from
the two-samples deadbeat controller:

e The poles z; and z are complex valued for Eg > Lg. As expected, the dynamics
are then poorly damped, which is due to that zF~2 in g changes sign for every

other even k.

e Real-valued poles, which are symmetrically placed about the origin, result from
Eg < L4. In contrast to what could have been expected from the negative real-
valued pole, the closed-loop dynamics are then well damped. This slightly sur-
prising finding originates, as above shown, from the oscillatory response of the
negative pole, (—1)¥, being canceled by the positive pole for all odd k.

e The step response of i, is given by the convolution of the unit step and g., which
on recursive form becomes

g =igk—1+ 8k k20, i0=0. (7.51)
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On condition that i;ef = j for k > 0, the “initial” response in 7, at k = 2 then
becomes

iq72:§( —%) [1+(_1)2}:1_

g

&
s

(7.52)

g

which can be seen to be directly related to Eg. The two-samples deadbeat response
results for Eg = L,, while Eg = 1.4L,, for instance, results in an initial overshoot:
g2 = 1.4 pu.

e The true filter inductance should, unless it can be “perfectly” modeled, preferably
be underestimated by Eg, since this choice provides well-damped dynamics. Poor
damping easily results for L, > L,, as will be shown in the analysis that now

follows.

Correspondence Between Damping in the Continuous-Time and
Discrete-Time Domains

Fig. 7.17 shows the pole locus of (7.46) for —L, < Zg < L,. As above discussed,
the closed-loop dynamics are poorly damped for complex-valued poles only, while real-
valued poles provide good damping. The shaded region in the figure corresponds to
poles within 45° relative the negative real axis in the continuous-time domain. As seen,
complex-valued 2, are easily located outside this well-damped region; there is “little
room” for parameters errors. This graphical observation will now be verified analytically.

Consider poles at 45° relative the negative real axis in the continuous-time domain:

pr2=—0(lxj), o>0. (7.53)

which are related to the digital poles as z; o = eP*27=. Solving the imaginary part and
the real part of this relation for o and f/g, respectively, gives

1 /o
0:T<§—|—nﬂ'>, n=20,1,2,... (7.54)
S
T —(142n)m
L,=—e WF2rp (7.55)
1.5 P
1 ’ 99
05{ T
T\T ! L
£ 01 ° oLg=Lg
-05{ L9:01
-1 Tl -
-15
-15-1-05 0 05 1 15
Re{z}

Fig. 7.17. Pole locus for —L, < I~Lg < L4. The shaded region represents poles within 45°
relative the negative real axis in the continuous-time domain, the dashed line is the unit circle.
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Multiple solutions appear for L,, but we are interested in the maximum |L,| that results
for n = 0:

L,=—¢ "L, ~ —0.04L,. (7.56)

The parameter L, should hence not be overestimated by no more than 4 % for poles
within 45° relative the negative real axis. According to (7.50), this corresponds to an
initial overshoot of 4 % in the current step response.

The parameter sensitivity of the deadbeat controller is not critical when the grid
is stiff, such that the grid filter constitute the open-loop current dynamics. Then, the
grid inductance can be neglected, and L, equals the easily measurable filter induc-
tance. Problems may arise, however, for operation towards a weak grid, where the grid
inductance is not negligible and not easily modeled.

Simulation Results

This section presents simulation results of the two-samples deadbeat controller for grid
current control. Particularly, the simulated step response in the continuous-time domain
is compared to the discrete-time step response, which is described by (7.51).

The simulation parameters are T, = 0.1 pu, Rg = 0.9R, and, except where ex-
plicitly stated, vg. = v3(1 + 1.4) = 4.2 pu. The fairly large dc voltage, see Appendix
A for details on the per-unit system, avoids voltage saturation for the continuous step
response. The influence from voltage saturation is instead studied in one separate sim-
ulation.

Fig. 7.18 shows the simulated step responses for discrete-time and continuous-time
models. It can be seen that the models agree well. The step response for Eg = 0.6L4 in
Fig. 7.18(a) is, as predicted, well damped, while the overestimated filter inductance in
Fig. 7.18(b) provides an oscillatory response.

Fig. 7.19(a) shows the simulated step response for Eg ~ L,, which yields the ideal
two-samples deadbeat behavior.

The simulations in Fig. 7.19(b) are made under similar conditions as in Fig.
7.18(b), but the dc voltage is now chosen to a smaller value. The smaller dc volt-
age results in voltage saturation for the continuous-time model, while the discrete-time
model here studied does not consider saturation. For voltage saturation, a PWM recti-
fier can no longer deliver the large voltage modulus that is required to attain the initial
oscillatory transients that would have been present in the unsaturated step response.
Consequently, large current steps that force the PWM rectifier into voltage saturation
tend to be better damped for the two-samples deadbeat controller than expected, as
seen in Fig. 7.19(b).

7.2.4 Overmodulation and Saturation

Fig. 7.20 shows the eight realizable voltage vectors for a three-phase PWM converter.
The PWM converter is capable of delivering voltage vectors within a voltage hexagon
that is spanned by the six active voltage vectors. Linear modulation is possible up to
the radius of the maximum circle that can be fitted within the hexagon. Control in the
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range of 0.91 < m < 1 [59], i.e., the region outside the circle but within the hexagon, is
possible but results in low-frequency current harmonics. However, control in this region,
often referred to as the overmodulation region, may be preferable in order to enhance
the transient response of the current control loop. The maximum realizable voltage
modulus is obtained at the hexagon boundary, which results in the six-step operation
mode [59].

For large steps in the reference current, the vector-current controller may demand
for a voltage vector outside the hexagon. This exceeds the maximum realizable voltage
modulus for a PWM converter, and leads therefore to voltage saturation. Voltage sat-
uration is particularly likely to occur for a positive step in the g-axis current, since the
back EMF of an ac machine, or the grid voltage vector, is aligned with the ¢ axis.

7.2.5 Limiting Command Voltage Vector

To maintain a proper current control, it is necessary to detect and appropriately limit
command voltage vectors that exceed the maximum realizable voltage modulus of a
PWM converter. Geometrically, only command voltage vectors that are located within
the above described voltage hexagon can be achieved. The transient behavior of the
current control loop partly depends on how the command voltage vector is limited.
This section will present a review of methods for limiting a command voltage vector
outside the voltage hexagon of a PWM rectifier.

Detecting Voltage Saturation

Voltage saturation can be detected by transforming the command voltage vector V;ef

to the zy-coordinate system, presented in Fig. 7.20. The transformation between the
synchronous reference frame and the zy-coordinate system becomes

xy,ref _ Vrefej(el_exy) (757)

VQ g

where 0, is the angle between the a-axis and the z-axis, defined by

Oy = (1 +2(n — 1))

™

6

(7.58)

Fig. 7.20. Eight realizable voltage vector of three-phase PWM converter.
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Fig. 7.21. (a) Principle of the CL. (b) Principle of the MVAE.

and n is the sector where v;ref is located. The real axis of the zy-coordinate system
is always located in between two active voltage vectors in each sector. The maximum
realizable voltage vector is, therefore, readily defined by v = v,/ V3 and U, = Ve /3
from the perspective of the zy-system. This can be deduced from Fig. 7.20, where the
xy-coordinate system happens to be located in the third sector. A command voltage

vector outside the hexagon, i.e., voltage saturation, is detected from

Vde
pryrel 5 % 7.59
N (7.59)
Once voltage saturation has been detected, the command voltage vector V;ef should be
modified, such that it is precisely located on the boundary of the voltage hexagon.

Circular Limit Method

The circular limit (CL) method chooses the largest voltage vector on the maximum
circle within the hexagon that is oriented in the same direction as the original command
voltage vector, as shown in Fig. 7.21(a). Thus, sinusoidal voltages are ensured at all
times. The CL method is activated if the following condition is true:

| > 2 (7.60)

V3

and the modified voltage vector is given by

ref
—ref UdCVg

g \/§|V26f|.

Unfortunately, the transient behavior of the CL method will be rather sluggish, since
it does not make use of the available voltage in the overmodulation region.

(7.61)

Minimum Voltage Amplitude Error Method

The minimum voltage amplitude error (MVAE) limit method chooses the voltage vec-
tor on the hexagon boundary that is located nearest the original command voltage
vector, such that the voltage amplitude error is maintained at a minimum, as shown
in Fig. 7.21(b). In the zy-coordinate system, the components of the modified command
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Fig. 7.22. Principle of the MVPE.

voltage vector become

—ref Udc

et — 7.62
w= (7.62)

T T Udec

| O ol <
Uy = Vde . ot ot - Ve (763)

? Slgn(vy )7 |Uy | = ?

The modified command voltage vector,

ng,ref — Urxef + jﬁryef (764)

is then transformed to the synchronous reference frame:

—ref __ ](07“1 *91)—$y7ref
Vg = e Y Vg . (765)

Minimum Voltage Phase Error Method

The minimum voltage phase error (MVPE) limit method chooses the voltage vector on
the hexagon boundary that is oriented in the same direction as the original command
voltage vector, as shown in Fig. 7.22. The modified voltage vector components can be
determined by using simple geometry as

—ref
_ Ude Uy
/Uref _ ref _ Yz vref (766)

1’_\/5’ vy_vrefy'

€T
The modified command voltage vector is then transformed to the synchronous reference
frame, in a similar manner as for the MVAE method.

Minimum Current Phase Error Method

The minimum current phase error (MCPE) method was first presented in [25]. Fig. 7.23
shows the principle of the MCPE method. When a command voltage vector outside the
hexagon has been detected, the MCPE considers the current dynamics and the hexagon
boundary, and attempts to force the current vector to move in the same direction as
intended by the vector-current controller. Consequently, the minimum current phase
error results, which minimizes the cross-coupling between the d- and the g-axis currents,
as will be shown.

In Fig. 7.23, E. is the voltage vector demanded by the current controller excluding
the proportional term and V’g, given by

sref :

~ 1. +1
Ecr = kilp + jw1L9M +E, i (7.67)

2
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Fig. 7.23. Principle of the MCPE.

which is dominated by E, i, and v, is
Vo = N A} (7.68)

The MCPE chooses the components of the modified command voltage vector by using
simple geometry in Fig. 7.23

V, v

/ ref dc / Py

vV, =, — —— v, = v 7.69
p,x fa \/g? Py Up.a p,x ( )
— Vq —

Uref — C Uref — vref o 'U/ (770)

T \/g’ Yy Yy Py

where all expressions are given in the zy-reference frame.

dg-Axis Cross-Coupling Method

The dg-axis cross-coupling (DQCC) method was presented in [27] as a simplified version

of the “minimum time current control,” presented in [26]. The DQCC is not a command

voltage vector limiting method, but a method to enhance the response to ¢ current steps.
The dynamics of the g-axis current in the synchronous reference frame are

di 1 R, . :
d—: = L—g(vq — Eq> - L—qu — wilq. (7.71)

Normally, a reference step of the g-axis current is handled by the g-axis voltage v,.
According to (7.71), though, the response of the g-axis current can be slightly enhanced
by utilizing the cross-coupling of the d-axis current. It was proposed by [27] that the
d-axis reference current would be modified to

it =iy — it i (7.72)
Furthermore, the resulting d current should be limited to

max{if'} = 2 ax — 12 (7.73)

|19 |max
where |ij|max maximum grid current modulus allowed.
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7.2.6 Experimental Results

This section will demonstrate experimental results of the redesigned deadbeat vector-
current controller. The system parameters are shown in Table 7.3, the voltage and the
current base values are U, = 400 V and [, = 35 A, respectively, and the impedance of
the utility grid is negligible, i.e., the grid is stiff.

The positive reference current steps are triggered when Ej = E; + j0. The mea-
surements have been performed for a step in the reference d current with constant
reference ¢ current, and vice versa. The current reference is stepped from —0.5 pu to
0.5 pu at t = 0, and from 0.5 pu to —0.5 pu at ¢t = 10 ms. The signal “sat” indicates
voltage saturation in the following graphs.

TABLE 7.3
PARAMETERS OF THE SYSTEM

Eg wg fs - fsw Lg:Eg Rg:Rg Vde
1.0 pu 2750rad/s 6.0 kHz 0.071 pu 0.012 pu 2.0 pu

Steps in Reference g Current

The experimental results in Figs. 7.24-7.28 show the reference ¢ current step responses
of the investigated vector-current controller, for various voltage limiting methods.

Fig. 7.24 shows the response of the vector-current controller using the CL method.
The transient behavior for the ¢ current is rather sluggish for the positive step, since
the available voltage in the overmodulation region is not used.

Fig. 7.25 shows the response of the vector-current controller using the MVAE
method. The current response is faster compared to the CL method, but there is a dip
in the d current.

Fig. 7.26 shows the response of the vector-current controller using the MVPE.
The response is approximately as fast as when using the MVAE method, and the d
current is almost constant during the step.

Fig. 7.27 shows the response using the vector-current controller and the MCPE
method. The result is almost identical to the MVPE.

Fig. 7.28 shows the response using the vector-current controller and the DQCC.
The response is slightly faster compared to the MVAE, the MVPE method, and the
MCPE method, but at the expense of a huge dip in the d current. This dip is intended,
though, since it speeds up the step response slightly.

For comparison, Fig. 7.29 shows the response of the original deadbeat vector-
current controller that was used for the previous experiments on active power filtering.
The response is rather sluggish, there is a dip in the d current, and the ¢ current
overshoots due to integrator windup.
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Fig. 7.24. The vector-current controller and the CL, with i} = igef; steps in 4.
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Fig. 7.25. Vector-current controller and the MVAE; steps in 4.
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Fig. 7.26. Vector-current controller and the MVPE; steps in i,.
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Fig. 7.27. Vector-current controller and the MCPE; steps in 4.
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Fig. 7.28. Vector-current controller and the DQCC; steps in 4.
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Fig. 7.29. Original deadbeat vector-current controller and the MVAE; steps in 4.
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Steps in Reference d-Current

The experimental results in Figs. 7.30-7.32 show the reference d current step responses
using the MVAE, the MVPE and the MCPE methods. There is more “available” volt-
age in the d direction, due to that the grid voltage vector is aligned with the ¢ axis.
Consequently, voltage saturation is less severe for the d current steps. The current
cross-coupling differs between the different limiting methods. The MCPE method has
the lowest cross-coupling, i.e., the minimum current phase error for the d current step.
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Fig. 7.30. Vector-current controller and the MVAE, with i}, = iiff; steps in 4.
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Fig. 7.31. Vector-current controller and the MVPE; steps in 4.
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Fig. 7.32. Vector-current controller and the MCPE; steps in i4.

7.2.7 Summary

This section has investigated a deadbeat vector-current controller that is designed to
handle voltage saturation. It was shown the two-samples deadbeat controller is equiv-
alent to previously presented Smith predictor structures. A significant improvement is
obtained compared to the deadbeat current controller that was used for active filtering.

Various methods for limiting the command voltage vector were investigated. Only
the MCPE yields a constant g-axis current during the reference step in the d-axis
current, which makes the MCPE suitable for an active power filter. There are only
minor differences between the different limiting methods for the positive ¢ current steps,
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with the exception of the sluggish response of the CL. method. Many applications will
therefore perform well, regardless of the voltage limiting method used. Unless d current
steps occur frequently, the MVPE method can be recommended, since it allows for a
simple implementation.
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Chapter 8

Conclusion

8.1 Summary

In this thesis, control of the back-to-back converter sensorless induction machine drive
was studied. Particularly, sensorless control of the induction machine, meaning vector
control without a mechanical shaft sensor, and vector control of the PWM rectifier
were considered. It can be concluded that the converter topology is very well suited for
high-performance applications, particularly for those that benefit from four-quadrant
operation. It is also fully possible to exploit the fully controlled grid current of the
PWM rectifier to improve local power quality.

The following summarizes the most important conclusions from Chapter 3 regard-
ing sensorless control of the induction machine:

e The SCVM was redesigned, such that arbitrarily placement of the closed-loop
poles was enabled.

e The resulting dynamics from the SCVM were thoroughly analyzed. For accurate
model parameters, stability at nominal speeds were shown, while only small ma-
chines were found to be stable at low speeds. For inaccurate model parameters,
the stability at very low frequencies was found to be greatly dependent on the
accuracy of the modeled stator resistance. The presence of a singularity for zero
stator frequency makes it impossible to guarantee stable low-frequency operation
for the SCVM, except for the case of zero external load torque or if the stator
resistance is perfectly known.

e The underlying mechanisms behind instability for sensorless control were revealed,
of which flux collapse was the most critical instability phenomena, resulting in
total failure for a speed-sensorless induction machine.

e Recommendable choices for model parameters selections were given. These rec-
ommendations cannot avoid instability, only avoid the critical flux collapse.

e Simple parameter selection rules were derived for the SCVM, such that trial-and-
error tuning of the estimator is eliminated.
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The following summarizes the most important conclusions from Chapters 5-7 regarding
the PWM rectifier:

e In Chapter 5, three grid-flux estimators were analyzed, of which two estimators

were designed in this chapter. The MCVM was proven to be very robust against
the grid voltage harmonics, albeit less suitable for island operation. For such
operation, the PLL-type estimator can instead be recommended.

In Chapter 6, a control system structure for the PWM rectifier was designed,
consisting of an inner vector current control loop and an outer loop for dc volt-
age control. Analyses and simulations showed that the designed control system
structure is well suited for normal operation, but large grid voltage disturbances
are fairly poorly rejected.

In Chapter 7, deadbeat current control for active power filtering at a low switching
frequency was studied. The stability and the parameter sensitivity for the two-
samples deadbeat controller were assessed, and the controller was found to be
equivalent to previously proposed Smith predictor control structures.

For all three mentioned chapters concerning the PWM rectifier, simple controller and

estimator parameter selection rules were derived.

8.2 Future Research

The following topics are considered suitable for future research:
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Find a speed-sensorless flux estimator that is less sensitive to Rs. Can the reactive
power model in [47] be merged with the SCVM to form a stable sensorless flux
estimator that does not require knowledge of the stator resistance? Control algo-
rithms for minimizing the time spent in the low-frequency region, as in [31, 76,
are also of interest.

Verify the conclusions for the PWM rectifier in Chapters 5-6 experimentally.

Analyze the impact from grid voltage disturbances and load unsymmetrics on the
grid current of the PWM rectifier.

Improve the rejection of grid voltage disturbances for the PWM rectifier.

Study the PWM rectifier connected to a weak grid, using a more advanced grid
filter topology than considered in this thesis.



Appendix A

Per-Unit System

Table A.1 defines base values of the per-unit system that is used in the present thesis.
This system is for a machine with rated phase-to-phase voltage v/3V,,, rated current I,
rated electric angular frequency w,,, and n, pole pairs.

The nominal stator flux linkage is 1 pu, but the nominal rotor flux is slightly smaller.

TABLE A.1
BASE VALUES OF THE PER-UNIT SYSTEM

Quantity Base value
Base voltage, Uy, Vi
Base dc voltage, Ugep V2V,
Base current, I I,
Base angular frequency, wy, Wy,

: Vi

Base flux linkage, 1 —
W,
Base power, Py, Qp, Sp VoI,
Vil
Base torque, T, e
Wn,

: Vn

Base impedance, Z;, —
I,

I,

Base dc conductance, G p —
’ 2V

Vil
Base inertia, J;, nsn

w

n

Vil
Base viscous friction, b, n2"
wn

. 1
Base time, t; —
Wn
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The parameters of the test machine are considered for the following no-load calculation:

Ly v = 2.8
Ly +L, " 28402

YRrn -1~ 0.93 pu (A.1)
which demonstrates that the nominal rotor flux is less than 1 pu.

It is believed that the definitions of the base power and the base torque in Ta-
ble A.1 are not commonly used. The motivation for using these definitions is that they
allow to use the same formulas for torque and power, ie., T, = 3n, Im{y}is} and
P, = 3Re{u,il}, for both the SI system and the per-unit system. However, nominal
torque and nominal power will not, by far, correspond to 1 pu. Instead, the nominal
torque and the nominal power correspond to approximately 2.6n, pu and 2.6 pu, re-
spectively, using this per-unit system. For instance, with ¥z = 0.9 pu and L,; = 2.8 pu
(giving iq =~ 0.3 pu), the nominal torque becomes

Tern = 3nyYp/1 — i3 =3n,-0.9-v1—0.3% = 2.6n, pu. (A.2)

The definitions for J, and b, have little physical relevance, as they are merely quantities
that are obtained when normalizing the equation of motion

idwr — Te — irl — iwr (A?))

n, dt Ny

with the base torque and the base frequency, giving

w
dl =
J w} (wb) T.-T b w w

— = - — A4
np Vn[n d(u)zﬂf) Vn[n np Vn[n Whp ( )
W W W
which can be considered as the per-unit equation of motion:
qu dwT pu b u
PR T — Thon — —= Wy - A5
n, dbyy, P Lp n, Wr.p (A.5)
From (A.4) and (A.5), the inertia and the viscous friction base values become
Vol Vil
Jy = by & SR A6
b wl;)g ) b wg ( )

All angles, such as the rotor position 6., are the same in the per-unit and in the SI

system:
o, Wr do, e,

a = wy  d(wpt) & Wrpu dt (A7)

Wy =

The dc voltage of the back-to-back converter must at least be vgemin = V3~ 1.7 pu,
in order to deliver a phase voltage of 1 pu. This minimal dc voltage equals vgemin =
\/gUdc,b = +/6V,, in the SI system, which is identical to the peak value of the phase-to-
phase voltage.
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The definition of the base value for the dc conductance, G, results when normal-

izing the dc voltage dynamics (4.11):

v2
d( dc)

V2 P, P,
#:_(_94_ 5 >Vn]n

1

- 212 A.

i G VI, " VI, (A.8)
1, dvi.,.)
= éCpu dtpf = _Pg,pu — Ps,pu (Ag)
where I o

Gy 2 22 O, = 2 A10
e 2Vn’ P Gdc,b ( )

137



Appendix A. Per-Unit System

138



Appendix B

Induction Machine Data

The induction machine that is used in the simulation and experimental parts of this
thesis (the “test machine”) is a wound-rotor induction machine of type ASEA MAG
180L 55-4. This machine is operated as an ordinary vector controlled squirrel-cage
induction machine, which means that the PWM inverter is connected to the stator
terminal, the rotor terminal is short-circuited, and the measurable rotor currents are
not used in the control algorithms.

The rated values of the machine are given in Table B.1, where the machine pa-
rameters are given as defined by the inverse-I' model [102]. The stator resistance is
determined from a conventional dc test on a “cold” machine.

The induction machine is loaded by a separately excited dc machine. The inertia
of the dc machine has been estimated to 0.6 kg-m?, so the total inertia of the two
machines becomes 0.93 kg-m?, or 2800 pu.

TABLE B.1
RATED VALUES OF THE INDUCTION MACHINE
Connection Y
Voltage, v/3V}, 400 'V
Current, I, 44 A
Angular frequency, w, 2750 rad/s
Power 22 kW
Power factor 0.89
Rotor speed (mechanical) 1440 r/min
Torque 150 N-m
Machine parameters (cold machine at 50 Hz):
Rotor resistance, Rr 0.18 €, 0.034 pu
Stator resistance, R 0.12 €, 0.023 pu
Leakage inductance, L, 3.5 mH, 0.21  pu
Magnetizing inductance, Ly 47 mH, 2.8 pu
Rotor inertia, J 0.33 kgm?, 1000  pu
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Appendix C

Glossary of Symbols, Subscripts,
Superscripts and Abbreviations

A system matrix

b viscous friction constant

B input matrix

C de-link capacitance or (less common) output matrix
D unit-delay operator

e

, € real-valued and complex-valued control error
Es, Ey flux EMF modulus and space vector
E,, E, grid voltage modulus and space vector
fsy fsw sampling and switching frequency
FF real-valued and complex-valued controller
G, G real-valued and complex-valued process
G., G, real-valued and complex-valued closed-loop transfer function
G, active conductance
H transfer function
ig, 1g grid current modulus and space vector
lg, g stator current modulus and space vector
I identity matrix
j V-1
J inertia
k coefficient or (less common) sampling instant at ¢ = kT
k, proportional gain
k; integration gain
L inductance
L Laplace transform
n, number of pole pairs
D d/dt
P instantaneous active power
Q instantaneous reactive power
R resistance
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R, active resistance

t time

t, time constant

S instantaneous apparent power
T, T, temperature

Ty sampling period

T, instantaneous electro-mechanical torque
T, load torque disturbance
T, period time

Vg, Vg terminal voltage of the PWM rectifier: modulus and space vector
Vs, Vs stator voltage modulus and space vector

Vde dc-link voltage

W U(%C

P ePTs

Z z transform

« bandwidth

€ error signal for phase-locked loop

Vg, Wy grid flux modulus and space vector

VR, Yr rotor flux modulus and space vector

A, i, 7y, p gain parameters of flux estimators, normally the SCVM
0 true rotor flux angle

0, true grid flux angle

01 angle of the synchronous reference frame
0 error angle, 0=0—6,0rf0 = 0, — 01
w1 synchronous (excitation) frequency
Wy grid frequency

Wy electrical rotor speed

Q discrete-time frequency

3 denotes a relative quantity

10} phase shift

- estimated

- error

modified, resulting

Subscripts:

active damping

base value

current

real part in the synchronous reference frame
electro-mechanical

grid

sampling instant at ¢t = kT

load

mutual, inverse-I" model

S zoTe o Aas o.

nominal

142
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harmonic order

imaginary part in the synchronous reference frame
rotor

rotor, inverse-I" model

stator or (less common) speed

real part in the stator-orientated reference frame
imaginary part in the stator-orientated reference frame

q@gmm%@g

leakage, inverse-I" model

Superscripts:
rotor-flux-oriented reference frame
stator-oriented reference frame
complex conjugate
equilibrium point

, — positive and negative sequence

+ o+ @

Space vectors without superscripts are given in the synchronous
reference frame.

Abbreviations:

ac alternating current

AF active filter

ASD adjustable speed drive

CM current model

D direct method

DP direct method with phase shift compensation
dc direct current

det determinant

DFO direct field orientation

EMF electromotive force

F Fourier method

IFO indirect field orientation

Im imaginary

IM induction machine

max maximum

MCVM modified compensated voltage model
min minimal

nom nominal

PCC point of common connection

PI proportional plus integral

PLL phase-locked loop

pu per unit

PWM pulsewidth modulation, pulsewidth modulated
Re real

ref reference

sat voltage saturation
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SCVM statically compensated voltage model
T transformation method
VM voltage model
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CHALMERS

Errata
to
“On Control of Back-to-Back Converters
and Sensorless Induction Machine Drives”
by Rolf Ottersten

Chapter 1 (Page 1)
The first line of the page reads “...are nowadays used various kinds of kinds industrial...,”
however, it should read “...are nowadays used in various kinds of industrial...”

Chapter 3 (Page 35)

The first two lines on page 35 read “...derivative of ky with respect to wy is 2(1+pRgr/ L),
which is positive for p > —Ly/Rg. Therefore, ko has a global minimum when.” They
should read “...derivative of £ with respect to wy is 2(1 + pRg/ L), which is positive for
p > —Ly/Rg. Therefore, ¢ has a global minimum when.”

Chapter 3 (Page 23)

The eigth line (from the top) reads “...dynamics resulting from the SCVM are asymptot-
ically stable for small machines.” It should read “...dynamics resulting from the SCVM
are asymptotically stable for small machines, given accurate model parameters.”

«

Chapter 3 (Page 38)

In Fig. 3.3(a), the direction of the rotor MMF and g-axis stator current in the rotor-
flux-oriented reference frame coincide. For correctness, the rotor MMF should oppose the
g-axis current, even though this not affect the discussion of the instability phenomenon.

Chapter 4 (Page 60)

The third line (from the bottom) reads “..and filters that are tuned for resonance at
multiples of the switching frequency [110].” It should read “...and damped LC filters
[110].”

Chapter 4 (Page 66)
The line that precedes (4.23) reads “...by substituting @; = zﬁgejel...,” however, it should
read “...by substituting §5 = ¢,e?...”

Chapter 6 (Page 95)
Eq. (6.65) reads
i = kpes + kil + Bol,.

It should read
i = kpes + kil — Bol,.



e Chapter 7 (Page 117)
Eq. (7.38) reads

f .
- 19 +1
—_ —ref : g,k gk
Vgk = Vgk — ]wng 92 - E!hk
It should read ;
cro .
— e . E lg,k’ + 197k E
Vok = Vgk — JWily — Bg k-

2

e Appendix B (Page 139)
It reads on line 7 (from the top) “...are given in Table B.1 on the next page, where the
machine...” This line should read “...are given in Table B.1, where the machine...”

e Appendix C (Page 143)
The following two abbreviations should be included in the list:

ave  average
IMC internal model control
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